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Kurzfassung
MOSFETs aus Siliziumcarbid setzen sich zunehmend als sinnvoller Ersatz für etablierte
Silizium-IGBTs durch. Dennoch kann als großer Nachteil die weiterhin hohe Defekt-
dichte im Rohmaterial genannt werden. Um die Ausnutzung des Halbleitermaterials zu
verbessern, bietet sich insbesondere die Reduktion von Halbleiterverlusten an. Diese set-
zen sich aus Schaltverlusten und Durchlassverlusten zusammen. Hierbei sind die Durch-
lassverluste durch den Einschaltwiderstand abhängig von der Durchbruchspannung des
Bauteils und die Schaltverluste von der erreichbaren Schaltgeschwindigkeit. Letztere
ist dabei limitiert durch die maximale Abschaltüberspannung, welche ebenfalls von der
Durchbruchspannung sowie der Streuinduktivität abhängt. Somit ist bei signifikanter Re-
duktion der Streuinduktivität eine Reduktion der Gesamthalbleiterverluste zu erwarten.
In dieser Arbeit werden dabei zunächst der Stand der Technik dargelegt und wesentliche
Bauteileigenschaften und Aufbaulimitierungen erklärt. Entscheidende Limitierungen in
der Reduktion der Streuinduktivität stellen dabei dessen Verteilung auf Zwischenkreis
und Leistungsmodul, die Verbindung zwischen beiden sowie Anforderungen an automa-
tisierte Fertigung dar. Als mögliche Lösung werden DC-Snubber diskutiert, wobei diese
durch hohe Dämpfungsverluste für höhere Ströme uninteressant werden.
Darauf aufbauend wird ein aktiv gesteuerter Snubber vorgestellt und dessen Betriebsweise
am Beispiel einer Halbbrücke beschrieben. Die Schaltung erlaubt dabei eine starke Re-
duktion der Streuinduktivität im Abschaltmoment, wodurch Abschaltverluste und Durch-
lassverluste verbessert werden. Zudem besitzt die Schaltung eine große Streuinduktivität
im Einschaltvorgang, wodurch Einschaltverluste vernachlässigbar werden. Desweiteren
wird die Betriebsweise analytisch beschrieben, wodurch sich Optimierungsmöglichkeiten
für zero-current-switching des Hilfsschalters aufzeigen.
Anschließend wird das hergeleitete Modell mit Messungen validiert, mit dessen Hilfe das
Schaltungsverhalten für aufeinanderfolgende Schaltvorgänge berechnet und mit einem
DC-Snubber verglichen. Hierbei zeigt sich, dass die Spannung des Snubber-Kondensators
alternierend um einen stabilen Endwert konvergiert und für gleiche maximale Konden-
satorspannung die Snubberkapazität der Hälfte eines DC-Snubbers entspricht.
Für eine Bewertung der Ausnutzung werden exemplarisch Drei-Phasen-Inverter mit Hilfe
messtechnisch bestimmer Charakterisierungsdaten für Schaltfrequenzen von 10 kHz und
30 kHz ausgelegt. Neben einer konventionellen Halbbrücke, einer Halbbrücke mit DC-
Snubber und der Schaltung mit aktivem Snubber werden Setups für optimiertes Durch-
lassverhalten abgeschätzt. Um unbekannte Temperatureinflüsse optimierter Halbleiter zu
vernachlässigen, wird dabei nur die Stromabhängigkeit des Einschaltwiderstandes berück-
sichtigt. Für 10 kHz zeigt sich dabei eine mögliche Steigerung der Ausgangsleistung von
35 % für nicht optimierten MOSFET und von 59 % für optimierten MOSFET.
Zuletzt wird mit der vorgestellten Schaltung ein LC-Filter aktiv angesteuert. Dabei soll
der Einsatz für Anwendungen mit Begrenzungen in der Spannungssteilheit und ein Aus-
tausch konventioneller IGBTs geprüft werden. Hierbei konnte ein Zusammenhang mit der
Snubberspannung und dem Timing des Pulsmusters für den Filter festgestellt werden. Ein
Vergleich der Schaltverluste zu einem IGBT-Setup ähnlicher Leistung zeigte dabei eine
Verlustreduktion von bis zu Faktor 20 bei gleichzeitig flacherer Flanke. Als nachteilig
zeigte sich jedoch das Timing des aktiven Snubbers für die Minimierung des Filters.



Abstract
Silicon carbide MOSFETs have gained popularity over established silicon IGBTs. How-
ever, a major drawback is a still high defect density in the raw material. To improve
the utilization of the semiconductor material, especially the reduction of semiconductor
losses is reasonable. The semiconductor losses can be separated into conduction and
switching losses. The conduction losses with the on-state resistance are dependent on the
device breakdown voltage and switching losses from the achievable switching speed. Lat-
ter is limited by the maximum turn-off voltage overshoot, which is also dependent on the
breakdown voltage and from the system stray inductance. Hence, significantly reducing
the stray inductance impacts both conduction and switching losses.
In this work, the current state-of-the-art is stated, important device properties and setup
limitations are outlined. It is shown that the distribution of the stray inductance above
the DC-link, the power module and the interconnection of both as well as requirements
for automated production are major limitations for its reduction. As a potential solution
DC-snubbers are discussed but due to increasing damping losses they become uninterest-
ing for higher currents.
Considering this, an active controlled snubber is introduced and its manner of operation
with a halfbridge is described. The setup allows a strong reduction of the stray inductance
for turn-off, which allows improvement of turn-off and conduction losses. Additionally,
the setup provides a large stray inductance for turn-on, whereby the turn-on losses be-
come negligible. Further, the manner of operation is described analytically, which shows
opportunities for zero-current-switching of the auxiliary switch. Afterwards, the derived
model is validated using measurements and is used to predict the behavior for subsequent
switching events.
The results are compared with a similar DC-snubber setup. It could be found that the
snubber voltage shows an alternating but stable behavior and, a maximum snubber volt-
age, which is half of that of a similar DC-snubber.
To judge the utilization, three-phase inverters have been designed for switching frequen-
cies of 10 kHz and 30 kHz based on data measured with reference designs. In addition to
a conventional halfbridge, a halfbridge with DC-snubber and the active snubber setup,
further setups with an optimized conduction behavior are estimated. To neglect unknown
temperature dependencies of hypothetically optimized semiconductors, only the current
dependency is considered. For a switching frequency of 10 kHz, a possible increase in the
inverter output power of 35 % could be found for a non-optimized semiconductor and 59 %
for an optimized MOSFET.
Finally, the introduced setup is used to actively drive a small LC-filter. Here, the usage
in applications with restrictions on the maximum voltage slope shall be evaluated. A
dependency of the snubber voltage and the timing of the filter pulses could be found. A
comparison to a state-of-the-art IGBT setup with similar output power showed a reduction
in switching losses by a factor of 20 with a simultaneously lower voltage slope. However,
it could be found that the time constants of the snubber circuit limit the minimization of
the LC-filter.
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1 Introduction
Power electronics are a key technology for efficient processing of electrical energy. In the
past, increasing energy costs were a major driver for continuous improvements in semicon-
ductor and material technology. Today, the increasing awareness of resource depletion and
environmental pollution together with the increasing demand for energy presupposes the
use of evolved energy conversion and storage technologies. This has led to a transforma-
tion process from using fossil-based energy sources to electrification powered by renewable
energies, see [1]. Power electronics is a key technology for increased energy efficiency and
e-mobility is an accelerator for further technology development, see [2]. While in most
applications power electronic devices are used as switches, this allows an efficient process-
ing of electrical energy, which is a major driver for success of power electronics in recent
decades. During the development of a power electronic device the reduction of losses
is one of the most important goals because it affects the achievable output power and
efficiency immediately. Besides the conduction losses of a turned-on semiconductor, the
switching losses are relevant, especially in applications with higher switching frequencies.
Today, in most low-voltage applications up to approximately 1 kV metaloxide-semiconductor
field-effect-transitors (MOSFETs) are the preferred switches. Because of low switching
losses, it allows the highest switching frequencies, but the conduction losses caused by a
high on-state resistance increase if the device is rated for higher voltages, see [3, 4].
For higher voltage ratings up to approximately 6.5 kV the insulated gate bipolar transis-
tor (IGBT) shows acceptable conduction losses. Because of the bipolar behavior, con-
duction losses for high current operation points are lower. To limit the overall losses, an
IGBT used at high switching frequencies must be rated for low current and voltage, [4]
S.3ff.
As in other areas, silicon (Si) is still the most commonly used material for power semicon-
ductors, see [5]. It is the most mature material in terms of production, technical expertise
and low cost. Nevertheless, the physical characteristics of silicon make further significant
improvements challenging. Devices made from silicon show some important limitations
in switching speed, the capability of blocking voltage and the maximum operation tem-
perature.
Since several years, materials with higher bandgap, such as silicon carbide (SiC) or gallium
nitride (GaN) are subject of research or are even available on the market. Their advan-
tages compared to silicon are well known, cf. [5–7]. Due to the availability of vertical
SiC-MOSFET devices allowing higher breakdown voltages compared to lateral GaN de-
vices, SiC is interesting for higher power applications [8]. Nevertheless, excessive material
cost, cf. [9], and a strong tendency to oscillations, cf.[10], may limit the possible substi-
tution of Si-IGBTs in many classic applications with SiC-MOSFET devices. Therefore,
several laborious approaches are considered to increase the output power per chip area or
the power density respectively. One approach is a better cooling structure, which allows
higher losses and in conclusion, a higher power output per volume. Power modules as
assemblies of several semiconductor dies usually soldered on a ceramic substrate with ad-
vanced cooling structures such as PinFin base plates and double-sided cooled devices or
combinations have been topic of research and are available on the market [11, 12]. Other
approaches for loss reduction are to influence the switching behavior, see e.g. [13, 14], or
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optimizing the commutation circuit, e.g. [15, 16]. For example, a reduction of the stray
inductance has a positive effect towards a clean switching event [17] with less ringing and
reduction of voltage overshoot at turn-off. Hence, the switching speed can be increased -
with similar overvoltage - to reduce switching losses, or an operation at higher DC-link
voltage can be allowed to improve the possible power output of an inverter.
Because the stray inductance of the switching cell consists of several partial inductances,
like the equivalent series inductor (ESL) of the DC-link capacitor, the inductance of the
power module and the connection between both, a reduction is challenging. Major chal-
lenges are e.g. the suitable assembly technologies or materials and creepage distances for
higher voltage classes. Additionally, acceptable efforts for production and space limita-
tions, have a significant influence on the total production cost. Therefore, for an optimal
result the collaboration of capacitor and power module vendors might be required.

1.1 Thematic Classification
This work belongs to the field of electrical engineering with a focus on power electronics. It
deepens the topics of minimizing switching losses and characteristics of SiC-MOSFETs and
optimization of the switching behavior related to circuit parasitics at higher power classes.
The overall goal is to develop an improved switching cell for the used switching technology
at fastest switching for highest possible power output and efficiency. To achieve this goal,
this work concerns with the corresponding technologies, e.g. trade-offs in semiconductor
device dimensioning, optimizing circuit parasitics and the usage of snubber capacitors.
Finally, an optimized commutation circuit is proposed focusing to enhance the achievable
power output by allowing both higher switching speed and simultaneously higher DC-Link
voltage.

1.2 Problem Description
As already mentioned, SiC-MOSFETs are a reasonable substitute for Si-IGBT in many
applications. Since several years, SiC-MOSFETs have been available on the market [18].
Compared to Si-IGBTs in the 1.2 kV class, SiC-MOSFETs allow much faster switching
speed and lower conduction and switching losses. However, while common system assem-
blies are designed for IGBTs, a simple replacement of the semiconductor dies may not
lead to the optimal utilization of the expensive SiC-material. This is mainly related to
the stray inductance of the switching cell limiting the switching performance as explained
below for a common drive inverter.

A drive inverter consists of at least a power semiconductor arrangement, cf. Fig. 1.1
(green), connected to the driver electronic (orange), and a control unit (red). Depending
on the application and power range, the connection (gray) to a DC capacitor (blue) can be
carried out directly or through an arrangement such as a printed circuit board (PCB) (low-
power) or a copper plate busbar arrangement (mostly high-power). The most common
power semiconductor arrangement for this application is a three phase-leg configuration
consisting of three halfbridges, see Fig. 1.1. For power levels above 10 kW power module
assemblies are available, which provide a more compact design compared to a discrete
assembly and usually a better cooling structure.
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Figure 1.1: Basic inverter schematic with components

An important goal during construction is a low stray inductance between the DC-link
capacitance CDC and the semiconductor being a key factor for clean switching [17] and
low voltage overshoot [19]. A major challenge in reducing stray inductance is that this
inductance is distributed over the capacitor, connection and the power module halfbridge.
Confer Fig. 1.1, with the ESL of the capacitor LESL, the connection inductance Lcon and
the inductance of a halfbridge LsHBn, which is depicted as a lumped inductance. Because
the inductance of a common planar conductor arrangement, cf. Fig. 2.6b, increases with
conductor length and with the distance between the conductors or decreases with the
width of a conductor, cf. Sect. 2.2.1, the problem can be derived by rationality. An
inductance goal of zero can be achieved in theory by reducing distance and length to zero
and increasing the width to infinity. Because of an infinite width immediately leads to an
infinite effort in terms of material, cost and space, a widening of the width is very limited.
Similarly, the minimum distance is usually limited by the maximum insulation voltage.
Hence, further reduction relates also to the availability of better insulation material. In
conclusion, only a reduction in the distance between the DC-link capacitor and the power
semiconductor described by the conductor length is a reasonable solution.
However, the dimensioning of DC-link capacitance is related to the allowed current ripple
and voltage ripple and the switching frequency [20]. Thus, common DC-link capacitors
are comparatively large, see [21] and a small proximity between the capacitor and the
semiconductor might be hard to achieve considering the requirement for a manageable
inverter assembly into account. In summary, an optimal design is limited by the available
capacitor technology, the design of the power module and a connection technology which
must be acceptable for series production in terms of effort and costs. Thus, a close collab-
oration between capacitor supplier, power semiconductor supplier and potential customer
is necessary.

For improved switching performance, on the one hand, a low stray inductance reduces
the voltage overshoot during the negative current slope and thus, enabling faster switching
at turn-off, the use of a higher DC-link voltage or alternatively a semiconductor technology
with lower breakdown voltage and lower on-state resistance. On the other hand, a lower
stray inductance increases the switching losses at turn-on [22, 23]. While a high stray
inductance leads to a voltage drop during turn-on, this voltage drop is lower with a small
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inductance. Hence, the semiconductor voltage during the current slope is higher with
lower stray inductance and the losses are increased.
Consequently, for optimal efficiency, a compromise between switching and conduction
losses, electromagnetic interference (EMI), DC-link voltage and acceptable manufacturing
effort has to be made.
Another limitation of further switching loss reduction is the voltage slope allowed by the
electric motor. A high voltage slope leads to stress on motor windings [24] as well as
higher bearing currents [25] with a negative effect on the motor lifetime. Additionally,
depending on the cable length between the motor and inverter, an edge reflection may
occur on the motor terminals, leading to high peak voltages [26] and also higher insulation
stress.
In conclusion, besides the allowed voltage slope, the energy in the stray inductance as
root cause of overvoltage and ringing is one of the major obstacles for optimized switching
behavior in terms of losses and oscillations.
In this work, a setup is presented, which actively makes use of this energy to significantly
reduce the voltage overshoot, oscillation amplitude and switching losses. This allows a
higher DC-link voltage and a better utilization of the wide-bandgap material (WBM)
semiconductor device. Furthermore, it separates the requirements of a high capacitance
and low inductance of the DC-link capacitor and therefore, it allows the usage of a less
advanced DC-link capacitor and connection technology with higher stray inductance.
Furthermore, it is shown that the proposed setup is compatible with the actively pulsed
filter presented by [27]. Thus, it is also suitable for applications with a demand for very
slow voltage slopes.
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1.3 Hypothesis and Research Questions
In this chapter, the research hypotheses are derived from the problem description men-
tioned above. The research questions serve as a basis for the investigations carried out in
this work.

• An optimized switching behavior can be achieved by an active management of the
energy stored in the stray inductance.

• This has a significant contribution to increasing the efficiency and output power.

• Through the active energy management the semiconductor utilization is increased.

• With an active management of the energy stored in the stray inductance, concepts
with larger stray inductance are possible and reasonable.

• The switching losses can be reduced and thus, higher switching frequencies and the
operation of filters actively driven by the halfbridge for a reduced voltage slope are
possible.

The above-listed hypotheses allow the formulation of the research questions.

• How can the energy in the stray inductance be used actively for improved switching
characteristics?

• What influence does the found method have on the switching behavior?

• How large is the achievable influence on the system performance?

• Are the additional measures disadvantageous for the application?

Goal of this work is to develop a system with significantly increased performance,
efficiency and improved utilization of WBM semiconductors. The system shall serve as
a substitute for conventional power semiconductor modules used in inverters, as outlined
in Chapter 1.2.

1.4 Structure of the Thesis
At this point, a short overview of the following chapters shall be given.
First, an introduction into related topics and technology is given with focus on effects and
characteristics which are relevant for this work.
Subsequently, an optimized commutation circuit is presented. Further, its principle of
operation to manage the energy in the stray inductance is described and a mathematical
model for the turn-on and turn-off event is derived.
Then, the power modules used for measurements are introduced, two module variants
serving as reference types and the module with the introduced optimized commutation
circuit. Afterwards, the mathematical models are compared with measurements, and
significant effects are discussed. Subsequently, the derived mathematical model is used to
predict the circuit behavior during different types of operation.
The next chapter compares the characteristics of two reference module variants with the
optimized type. The switching behavior is compared at different operation points and the
achievable output power during inverter operation is estimated by calculation.
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The next to last chapter shows the operation of a LC-filter actively driven by the optimized
circuit to present a substitute for conventional IGBT inverters where, due to a switching
speed constraint, WBM semiconductors may not be reasonable. Therefore, a comparison
with a state-of-the-art IGBT module is given.
Finally, a summary of the work and it’s important findings is given and an outlook shall
point out future research directions.
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2 Basics and Technology Review

2.1 Power Semiconductor Devices
For a better understanding of the effects observed in this work, a basic introduction in
common power semiconductors, the materials and their properties is given below. First,
semiconductor materials with their characteristics which are important for power appli-
cations are outlined with special focus on the advantages of WBM compared to Si. After-
wards, characteristics of bipolar diodes as well as MOSFETs are described. In particular,
attention was paid on device related effects which might have a strong influence in the
circuit presented in this work and which should be considered for proper dimensioning.

2.1.1 A Short Introduction to Semiconductor Materials
In power electronics, Si is still the most common material. Its characteristics are well-
known and as a result the technology is well established. However, silicon shows some
limitations, cf. Tab. 2.1, effecting the achievable performance of the semiconductor
device. To overcome these limitations, WBM are an interesting and emerging solution.
In the recent years, silicon carbide in 4H configuration (4H-SiC) and GaN have gained
popularity and are the most suitable wide-bandgap materials in terms of technological
maturity. Nevertheless, both materials are still facing problems in material quality [3,
28]. However, SiC has the highest level of development for vertical devices allowing
higher breakdown voltages, see [5], which makes it the preferred material for higher power
devices.
In Table 2.1 some important material properties of the mentioned semiconductors are
listed. However, it should be mentioned that the material parameters strongly variate
for WBM in the literature which might be explained by variances in the quality of the
investigated material.

Table 2.1: Semiconductor properties at 300K
Si 4H-SiC GaN

WG [eV] 1.12D 3.25D 3.44C

Ecrit
*[V/cm] 200kA,300kC 2 MA, 3.18 MC 3M-3.5MC

vsat [cm/s] 1.05 · 107A 2 · 107A 2.5 · 107A

µn [cm2/Vs] 1400C 500B, 1000A 900C, 2000B

µp [cm2/Vs] 470A 50B, 115A 10C

εr [1] 11.8B 9.8B 7.8B

CTE [1 · 10−6 ◦C] 2.59A 4.3A 5.4-7.2C

* Ecrit is a function of doping. Thus, it should be understood as an estimation.
References: A:[4], B:[28], C:[29], D: Appendix A.1

A higher bandgap between valence and conduction band makes the semiconductor more
robust against thermal charge carrier generation and other extrinsic influences like an
electric field. This results in a significantly lower intrinsic concentration of charge carriers
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at a given temperature. According to [30] p.21ff, the intrinsic carrier concentration can
be calculated with a known density-of-states in the conduction, NC, and valence band,
NV, with

ni =
√

NCNVe− WG
2kϑ (2.1)

where k is the Boltzmann constant, WG is the bandgap energy and ϑ is the absolute tem-
perature. Figure 2.1 shows the intrinsic carrier concentration as a function of temperature
for silicon and SiC with the density of states calculated in Appendix A.1.
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Figure 2.1: Intrinsic carrier concentration

In Fig. 2.1 it can be seen that with
an exemplary chosen doping concen-
tration of 1 · 1015 cm−3, see [4, 30], the
intrinsic charge generation becomes
significant for a silicon device at tem-
peratures above 300 ◦C. In compar-
ison, SiC allows higher temperatures
and thus, - due to a higher temper-
ature gradient - a higher heat dis-
sipation and power density. How-
ever, a possible limitation might be
the robustness against high temper-
atures of the used packaging materi-
als.

2.1.2 Introduction to Diodes
By combining a P and N doped semiconductor an abrupt PN junction is formed. The
concentration of donor and acceptor atoms, ND and NA, which are for silicon usually
ionized at room temperature [30], leads to a diffusion current and a charge displacement.
This results in an electric field which drives a current in the opposite direction. For a P-N
junction without external current and field, the diffusion and field driven current cancel
each other out, so that a diffusion voltage can be calculated along the P-N junction width.
By using ni the diffusion potential for an abrupt P-N junction can be calculated according
to [30] p.81 with

Vdiff ≈ kϑ

q
ln(NDNA

n2
i

). (2.2)

For the exemplary chosen doping concentrations ND = NA = 1 · 1015 cm−3 the diffusion
voltage at 300 K can be calculated for a Si and SiC junction to Vdiff,Si = 0.6 V and
Vdiff,SiC = 2.5 V. Hence, the conduction losses can be expected to be much higher with
SiC. Furthermore, bipolar structures like diodes made from silicon carbide suffer from
severe aging mechanisms such as bar-shaped stacking faults [31]. Thus, SiC bipolar diodes
- and SiC-MOSFET body diodes - are not a reasonable choice for free-wheeling operation
yet.
Compared to normal diodes, PIN-diodes have an intrinsic region between the P and N
doped sides. Because a PIN-diode as a substructure of a MOSFET, its characteristics
are explained in this chapter. The intrinsic n− zone, cf. Fig. 2.2a, increases the blocking
capability compared to a simple P-N junction. The characteristic is given in Figure 2.2c.
At a defined forward current Ifw, a forward voltage drop Vfw from anode to cathode can be
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measured. At reverse voltage operation the reverse blocking current Ir flows from cathode
to anode. For high reverse voltages the devices breaks down at a voltage of VBD.

n+

n−

p

Rdr

Cathode

Anode

(a) Basic structure
of a PIN-diode

w

−E
0

wD

Emax

(b) E-field in
blocking state

IAK

UAK
Vfw

Ifw

Ir

VrVBD 0

(c) Characteristic
(different negative and positive scales)

Figure 2.2: PIN Diode

Blocking state
By applying a reverse voltage to the diode, an electric field is formed similar to Fig. 2.2b.
Due to the lower carrier density the n− zone the field strength decreases slower. Hence, in
case the field does not enter the n+ zone, the width of the intrinsic zone wB, determines
the blocking capability of the diode. According to [30], the width as a function of the
applied voltage VAK can be calculated with

wD =

√√√√ 2εs

qND

(
Vdiff − VAK − 2kϑ

q

)
, (2.3)

while ND is the donor concentration in the n− region, q the unit charge and εs is the semi-
conductor permittivity, see also Table 2.1. Additionally, the depletion layer capacitance
per area can be written as

CD = εs

wD
=
√√√√ qεsND

2
(
Vdiff − VAK − 2kϑ

q

) . (2.4)

Conduction and reverse recovery
As explained by [4] p.39, the forward voltage at the PN junction at a current density
of 10 A/cm2, which is comparatively low, is similar to the diffusion voltage Vdiff . Thus,
considering the voltage drop over the drift region resistance, which is a function of the
charge carrier concentrations µn and µp, cf. Fig. 2.2a Rdr, the forward voltage Vfw can be
estimated with

Vfw ≈ Vdiff + Rdr(µn, µp)Ifw. (2.5)

During forward bias operation, the intrinsic region is swamped with charge carriers, Fig.
2.3 t0. By applying a negative voltage on the flooded PN junction, these carriers are
extracted during the interval t0 < t < t3. First, for t ≤ t1, the carrier concentration at the



10 2 Basics and Technology Review
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Figure 2.3: Carrier distribution in the drift region after [32] for a strong reverse current

corners (0 and wB) drops to the state of thermal equilibrium. Later, from t1 < t ≤ t3 the
space-charge zone widens and the device voltage decrease to higher negative values. The
extraction current can be measured as a reverse current as will be described in Section
3.4 and may cause significant losses.
As already mentioned, the PIN-structure is included in a MOSFET structure, cf. Fig.
2.2a with Fig. 2.5a. It is important to notice that at commercial free wheeling Si-PIN
diodes it is common to modify the charge carrier life time to achieve an improved conduc-
tion behavior as well as a tail current during reverse recovery and thus a clean switching
event with low voltage overshoot [33–35]. However, it is well known that the MOSFET
intrinsic diode is not optimal. Thus, if the body diode is used as a free wheeling diode
- as it is done in this work - the reverse recovery behavior might reduce the achievable
device performance.

Forward recovery behavior
By applying a high current slope in conduction direction of a diode, the device might
show a forward voltage Vfr [36–38]. This effect, depicted in Fig. 2.9, has a very similar
influence as a stray inductance and might limit the achievable switching speed. A worst-
case estimation is given by [4], with the assumption of an infinite current slope and a
device without swamped base, the maximum voltage can be calculated as

Vfrm = wB · j

qµnND
(2.6)

while µn is the carrier mobility in the n− region and j the current density. It should be
mentioned that this effect has been evaluated for the used SiC-MOSFETs with the result
of a negligible forward recovery voltage.

2.1.3 Introduction to MOSFETs

The MOSFET is the most important switching device in electronics. It is capable of oper-
ating at highest switching frequencies compared to other power semiconductors. However,
silicon devices are only available for comparatively low voltages and current levels which
is related to the dependence of the on-state resistance Ron to the breakdown voltage, cf.
Fig. 2.4. Considering that the drift region has a significant fraction, of the total on-state
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Figure 2.4: Ideal specific on-state resistance over breakdown voltage after [39]

resistance, a rough estimation on the dependence of the implemented breakdown voltage
can be found in [39] p. 15 with

Ron−ideal = 4V 2
BD

εsµnE3
crit

. (2.7)

Here, the semiconductor properties are considered by εS as the semiconductor dielectric
constant, µn as the electron mobility and Ecrit as the critical electric field. Due to the
cubic dependence on the critical electric field, this equation indicates the strong benefits
of wide-bandgap materials which is illustrated in Fig. 2.4.
Since the availability of wide-bandgap materials the MOSFET is reasonable for applica-
tions at voltages above 1 kV. The first SiC-MOSFET with a rated break down voltage
of 1 kV was commercially introduced by Cree [18] in 2011. For power electronics, higher
blocking and current-carrying capability can be achieved with a vertical trench gate struc-
ture as depicted in Fig. 2.5a compared to a planar structure. It can be seen that the
right-hand-side arrangement of the device equates to a PIN-diode structure. This body
diode results in a reverse conductive capability which is considered with the negative
quadrant of the characteristic in Fig. 2.5b. However, a body diode has some significant
disadvantages compared to a dedicated anti-parallel diode in both dynamic and static
behavior, cf. [40]. Additionally, for SiC-MOSFETs, as mentioned above, the bipolar
structure suffers from significant aging mechanisms like bar-shaped stacking faults [31,
41, 42]. Therefore, it is not reasonable to use the body diode as a free wheeling diode as
it is done with paralleled IGBT-diode combination.

Further, it has been found that the breakdown voltage of the structure shown in Fig.
2.5a is limited by the high electric field strength at the bottom side of the gate trench.
According to [43] p. 496, this limitation can be overcome by implementing a shielding
plate at the trench bottom. Further, the drift region has still a major contribution to the
total specific on-resistance, cf. [44] p. 501. By applying a positive voltage VGS from Gate
to Source, the conductivity of the p-region near the Gate can be modulated. A positive
voltage increases the electron concentration and decreases the hole concentration in this
region and for a voltage higher than a specific threshold voltage Vth a conductive channel
can be achieved.
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Figure 2.5: Vertical trench MOSFET

Channel modulation through Gate voltage
As described in [30] in detail, with the condition that the electric field strength in x-
direction, cf. 2.5a, is much larger compared to the field in y-direction, and the assumption
of a constant mobility the current-voltage-characteristic can be estimated as follows.

vDS ≪ (vGS − Vth): For a very low vDS and a gate voltage above the threshold voltage,
the charge distribution in the channel near the gate is nearly homogeneous. Thus,
the channel operates in the linear region, cf. Fig. 2.5b, and behaves like a resistor
Rch which is a function of the gate voltage

Rch = lch

wchµnCox(vGS − Vth − vDS/2) . (2.8)

Here, the channel length and width are lch and wch respectively and the capaci-
tance between gate and semiconductor is Cox. From (2.8) the drain current can be
estimated with

iD = wch

lch
µnCox(vGS − Vth − vDS/2)vDS. (2.9)

vDS ≈ (vGS − Vth): If the drain voltage is in the range of (vGS − Vth), the charge becomes
reduced at the drain end. Therefore, the behavior becomes non-linear.

vDS ≫ (vGS − Vth): For high drain-source voltages, the electric field along the channel
accelerates the electrons towards the drain with saturation velocity vsat. Due to the
higher saturation velocity of wide-bandgap materials like SiC and GaN compared to
Si, cf. Tab. 2.1, such devices show a higher saturation current at equal gate voltages.
By reaching vsat the drain current becomes independent of the drain-source voltage,
cf. Fig. 2.5b solid line. According to [30], the saturation current can be calculated
with

IDsat = wch

2lchM
µnCox(VGS − Vth)2, (2.10)

where M is a function of doping concentration and oxide thickness.
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Short channel effects
The equations previously mentioned are valid for long channels where the field caused by
the gate bias is much higher compared to the drain bias. With reduced channel length for
reduced Rch, the influence from the field in y-direction has to be considered. The field in
the channel becomes two-dimensional which results in many undesirable forms of electric
behavior [30]. In literature, this can be found as drain-induced-barrier-lowering (DIBL)
[45–47]. One remarkable effect for this work is that the drain current does not saturate
with drain bias. Thus, in saturation region the drain current is also a function of drain
voltage which is exemplary illustrated by a dashed line in Figure 2.5b.

2.2 Parasitic Inductances in Power Electronics
The parasitic inductance in the commutation loop - or switching cell - is an important
parameter in a hard switching power semiconductor application. With the usage of con-
trollable semiconductors with significantly high di/dt and current density, the parasitic
inductance become topic of research, see e.g. [48, 49]. In the commutation loop, the
parasitic inductance leads to a voltage overshoot at turn-off, e.g. [50] and may contribute
to high frequency oscillations with the output capacitance of the switching device [51].
Because the optimization of the stray inductance is a major topic in this work, a brief
introduction shall be given in this section.

2.2.1 Basic Geometries and Their Characteristics
The inductance is the relation between the total magnetic flux Φt to the current I

L = Φt

I
. (2.11)

The magnetic flux is the integral of the magnetic flux density B over a surface A under
the assumption of a scalar permeability µ to be calculated with

Φ = µ
∫

HdA, (2.12)

see [52]. Hence, the inductance is also a function of geometry and thus, this section shall
give a brief overview of common geometries shown in Figure 2.6. Further, their appro-
priateness to minimize the stray inductance is outlined. The mathematical description
of the inductance is a complex task which can be derived from the history of literature
comparing Maxwell‘s "A Treatise on Electricity and Magnetism" [53] with Rayleigh’s im-
provements [54] on the example of parallel cylinders, Fig. 2.6a, to the actual state of
knowledge, see e.g. [55]. For parallel cylinders, the formula

Lcyl = µ0

2π
ln
D

2r
+
√(

D

2r

)2
− 1

 . (2.13)

can be obtained. Here, D is the distance between the center of the two cylinders with the
radius r and the length l.
Another common geometry is a conductor arrangement shown in Fig. 2.6b with laminated
lands also referred to as bus bar. The equation for the inductance according to e.g. [56],
as

Llam = µ0l
D

w
(2.14)
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(a) Parallel cylinders
(b) Laminated lands (c) Co-planar lands

Figure 2.6: Common conductor geometries

describes the relation as a fraction of the inner distance D of both conductors and their
width w.

The final structure is a co-planar conductor arrangement according to Figure 2.6c with
a mathematical description assuming d = 0 found in [57], as

Lcoplan =


120l
c0

ln
(
21+

√
k

1−
√

k

)
, 1√

2 ≤ k ≤ 1

120π2l

c0 ln[2(1+
√

k′)/(1−
√

k′)] , 0 ≤ k ≤ 1√
2

. (2.15)

Here, with the coefficients defined as

k = D

D + 2w
and k′ =

√
1 − k2. (2.16)

From Figure 2.6a and (2.13) it can be derived that the inductance can be minimized by
increasing the radii or reducing the distance. Considering wire insulation, a higher volt-
age necessitates thicker insulation and is a limiting factor for minimizing the geometry
inductance.
Similarly, minimizing the distance D in the co-planar arrangement is limited by the insu-
lation material as well and therefore, by the target voltage in the application. Contrary to
both previous setups, the laminated lands in Fig. 2.6b offer the opportunity in case of a
limited D to increase the width w of the arrangement and therefore further minimization
of the inductance Llam.
Indeed, while the laminated lands are the best choice for low inductance applications, in
practice the usability is often limited by further constraints like e.g. manufacturability or
design requirements on interfaces between components.

However, it should be mentioned that the inductance as well as the resistance of a
conductor arrangement is also a function of frequency caused by skin- and proximity
effect [58–60]. A comprehensive study can be found in [61].

2.2.2 Consequences for Low- and High-Power Applications
In typical hard switching power semiconductor applications, minimizing the stray induc-
tance between the DC-link capacitor and the semiconductor is a major design goal limiting
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the voltage overshoot at turn-off and ringing amplitude and simultaneously enabling faster
switching speeds, see e.g. [17, 62, 63]. Further, with the availability of semiconductors
based on WBM, the efforts of investigation in minimizing the stray inductance has risen.
Indeed, depending on the requirements for the application, minimizing the stray induc-
tance to an affordable value might not be possible or reasonable in terms of effort.
Common approaches focus on making use of the structure shown in Fig. 2.6b with novel
assembly technologies like chip-embedding, see e.g. [64], which allows very low stray in-
ductances. Other common approaches are using foils as interconnection material [65],
further optimize established interconnection technology [60] or using ceramic capacitors
close to the switching semiconductor.
Several options to deal with the stray inductance have been evaluated in the literature.
In [66] the product of stray inductance Lσ and nominal current Inom as the magnetic flux
Φt, cf. 2.11 is mentioned as a rating parameter. The Φt of several setups found in the
literature have been analyzed and clustered in three current classes. Table 2.2 shows the
range of found Lσ ·Inom products for the total setup including DC-link capacitor or only for
the package from the semiconductor to the power module connection. With presupposed
similar rise and fall times and with the known relation

v ∝ dΦt

dt
, (2.17)

Table 2.2: Application current class analysis of Lσ · Inom

Current class Lσ · Inom Lσ · Inom References
Package Total setup

<= 50 A < 0.007 µVs − 0.08 µVs < 0.007 µVs − 0.22 µVs [64, 67, 68]
<= 500 A 0.4 µVs − 2.8 µVs < 1.3 µVs− > 9 µVs [69–73]
> 500 A 0.84 µVs − 10.2 µVs < 5.4 µVs− > 111 µVs [65]

[17, 50, 62]

Table 2.2 indicates that setups for higher current rating have to deal with higher turn-
off overvoltage. Thus, the switching speed must be decreased or devices with higher
breakdown voltage and higher specific on-resistance have to be used. Both leads to higher
losses with increasing nominal current. Therefore, fast switching WBM semiconductors
cannot be utilized as optimal as in lower current applications. An alternative option
compared to a conventional DC-link setup as in above analyzed setups is the use of
snubber capacitors which are further discussed in Section 2.4.

2.3 Hard and Soft Switching
Outgoing from non-ideal semiconductor devices described in the Sections 2.1.2 and 2.1.3,
the turn-on and turn-off switching event is explained by a simplified commutation circuit
as depicted in Figure 2.7. This circuit represents a very common power semiconduc-
tor configuration on which most dynamic effects relevant in this work can be described
schematically. Because the parasitic elements have a significant impact on the switching
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performance and behavior especially at very fast switching speeds, this influence is de-
scribed for turn-on and turn-off in the following chapters.
Following assumptions shall be made for the description:

• The inductance in the gate circuit is small and thus, it is neglected
• The driver has an infinite voltage slope and zero impedance
• The load current ILoad and the voltage source VDC are time invariant
• Magnetic couplings are neglected
• All oscillations caused by previous switching events have been damped
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Figure 2.7: Basic commutation circuit
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Figure 2.8: Turn-on event
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Figure 2.9: Turn-off event
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2.3.1 Description of the Turn-On Event
The turn-on event is described with reference to Figure 2.8.

t < t1: Before the switching event, the driver output voltage vdr is low and thus, the
MOSFET Q is in blocking state. Therefore, the load current ILoad is flowing through
the diode D. Hence, the PN junction is flooded with charge carriers and the voltage
from anode to cathode vKA equates to the negative forward voltage Vfw, see (2.5).

t1 < t < t2: At t1 the driver voltage vdr rises to high value. The resulting gate charge
current iG is limited by the gate resistor RG and charges the input capacitance

Ciss = CGS + CDG. (2.18)

Because the MOSFET channel is not controlled yet, the drain-source voltage vDS
remains nearly constant. Therefore, the drain-gate capacitance displacement current
iCDG is negligible. As a result, the gate voltage vGS increases as an exponential
function with negative exponent.

t2 < t < t3: At the beginning, the gate voltage reaches the MOSFET’s threshold voltage
Vth. The MOSFET channel starts opening and the drain-source current iD increases.
The changing current causes a voltage drop over Lσ and hence, CDS discharges. Ad-
ditionally, the displacement current iCDG cannot be neglected. iCDG is superimposed
to iG and leads to a negative feedback which reduces the gate discharge and thus, the
switching speed. Another negative feedback is caused by the parasitic inductance
LS shared by the gate and power path. The induced voltage vLs ≈ LS

diD
dt

results
effectively in a reduced driver voltage vdr − vLs. As mentioned in Sect. 4.1.2, this
effect is used to improve dynamic current sharing for paralleled MOSFET dies. For
vDS ≫ vGS the MOSFET operates in the saturation region, cf. Fig. 2.5b. After iD
is equal to Iload, the diode current becomes negative and the charge carriers start
recovering.
Hard switching: In case of a very small stray inductance Lσ, the vDS voltage drop
may become negligible. This results in high power dissipation Ploss = vDS · iD and is
defined as a hard switching event.
Quasi soft switching: For very fast switching events, e.g. in case the gate resistor
is very small, the gate driver is able to counteract the displacement current through
CDG. Thus, the MOSFET channel is opened very fast. The voltage drop across Lσ

may increase to VDC level in this interval already at low drain current values. As a
result, the current gradient is no more controlled by the MOSFET but only by the
stray inductance and the DC-link voltage. This results in a significant reduction of
Ploss and a softer switching event with higher efficiency, see [74].

t3 < t < t4: For t = t3, idi crosses zero. Subsequently, the PN junction depletes and
the diode voltage vKA increases. After the maximum reverse current Irrm occurred,
the voltage over Lσ changes rapidly and leads to a maximum diode voltage v̂KA.
Without an adequate tail-current shape, this triggers an oscillation between Lσ and
the PN junction capacitance CD. Furthermore, CDS and CDG have been partially
discharged in the previous interval as a result of the voltage drop over Lσ. The
remaining voltage vDS discharges until t4. Similarly to the previous interval, the
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gate current iG is superimposed by the displacement current iCDG. Therefore, the
gate capacitance is charged much slower and hence, this reduces the voltage slope.
Depending on the diode softness, this interval can be very short, which can lead to
much higher voltage slopes and higher v̂KA.

t > t4: After the diode has taken the voltage and the MOSFET channel is opened, energy
remains in the commutation circuit in terms of a current through Lσ and a charge
in CD. This energy oscillates and is damped by parasitic resistances or is radiated
and may cause electromagnetic interference.
The gate voltage has reached a level at which the influence on the channel is very
small. The MOSFET operates at linear region. Thus, for low gradient oscillations
the negative feedback might be neglected. The gate capacitance charges up to the
high level of the driver voltage.

2.3.2 Description of the Turn-Off Event
The turn-off event is described with reference to Figure 2.9.

t < t1: For a time t < t1, the gate and driver voltage vGS and vdr are at high level.
Therefore, the MOSFET channel is opened and thus, the load current ILoad equals
to ich. Furthermore, the diode voltage vKA is equal to the DC-link voltage and the
capacitance CD is charged.

t1 < t < t2: At t1 the driver voltage vdr decreases to low value. The gate capacitor CGS
discharges through the gate resistor RG. The MOSFET operates in linear region
until t = t2.

t2 < t < t3: In this interval, the MOSFET enters the non-linear region, cf. Fig. 2.5b.
Therefore, the channel is modulated by the gate voltage. The voltage vDS increases
and the output capacitance

Coss = CDS + CDG (2.19)

is charged.
Similar to the turn-on event, the drain-source voltage slope causes a displacement
current iCDG, which superimposes the gate current. Hence, the discharge process of
the gate capacitance slows down and the gate voltage slope flattens. The positive
voltage slope leads to a displacement current in the diode capacitance according to
Coss

dvDS
dt

. Due to the relation ILoad = idi + iD, the drain current is reduced.
Hard switching: Usually, the parasitic capacitances CD and Coss are small and
as mentioned previously, the desirable voltage slope might be limited by the appli-
cation. In this case, the displacement current may be very small and iD remains
nearly constant in this interval. Hence, the power dissipation is high, which causes
a defined hard switching event.
Quasi soft switching: In case the application allows a high voltage gradient, the
switching speed can be increased. Assuming a rapidly closed MOSFET channel,
ich decreases to zero before ILoad has charged Coss to a significant voltage. Hence,
the dissipated losses in the MOSFET channel became small and the switching event
becomes soft. However, it is important to mention that this cannot be measured be-
cause the measurable drain current always include the displacement current through
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Coss. Further, it is important to mention that for a closed channel, ILoad charges
Coss and simultaneously discharges CD. Hence, the Coss displacement current is a
fraction of ILoad depending on the voltage dependency of Coss and its state of charge.

t3 < t < t4: After CD is discharged, the current commutates into the diode junction. As
described in Section 2.1.2, the device might need time to take the current. Therefore,
a voltage peak Vfrm might be measured between the anode and cathode.
In case the gate resistor is comparatively high and the displacement current through
Coss at t = t3 is negligible, the channel current is still significant. Because vDG gets
in the range of VDC and due to the voltage dependency of CDG, its negative feedback
weakens and the displacement current iCDG reduces. Therefore, the driver further
discharges the gate capacitance, which closes the channel until vGS equals Vth. The
closing channel leads to a negative current gradient of iD, that causes a positive
voltage at the stray inductance Lσ + LS. This voltage adds to the DC-link voltage
and charges Coss.

t > t4: At t = t4, the gate voltage reaches the threshold voltage. Thus, the MOSFET
channel is closed. The energy remaining in Coss leads to an oscillation with Lσ +LS.
Similarly to the turn-on event, this energy oscillates and is damped by parasitic
resistances or is radiated and may cause EMI.
Because the driver voltage is lower than vGS, the gate capacitance further discharges.
Due to the voltage feedback characteristic of CDG, the oscillation couples to the gate
voltage, which must be controlled by the driver to avoid an unstable behavior at
which the channel might be turned on again.

2.3.3 Resonant Switching
As described in the previous sections, for fast switching the parasitics in the commutation
circuit are able to reduce the switching losses. A large stray inductance at turn-on leads
to a voltage drop at turn-on, and a large capacitance leads to a current drop at turn-off
so that the switching losses are lower than for a hard switching event.
Goal of resonant switching is a soft switching transition at zero or low current or voltage
respectively. All concepts share the approach of ensuring a zero voltage or zero current
switching by an external condition e.g. designing a circuit with resonance and switching
synchronously to the zero crossings. A classification and an overview is given in [75],
where topologies are differentiated into load resonant, link resonant, quasi and transition
resonant.
Due to the variety of concepts and the circuit similarity to this work, only the notch
commutated 3 phases PWM zero voltage switching (ZVS) inverter is described below to
allow the reader a better differentiation.

Notch commutated 3 phases ZVS inverter
This concept depicted in Fig. 2.10a has been introduced by [76]. The circuit consist of the
DC-link voltage source VDC, a dedicated snubber inductor LSN, the storage-voltage clamp
capacitor CC, the auxiliary notch-switch Q0 and the three-halfbridge setup Q1-Q6. For all
switches the internal body diode is not depicted separately. The switch capacitors C1 to
C6 were assumed to be parasitic or small discrete devices. Similarly to the description in
Section 2.3.2, it was considered that the turn-off becomes soft since the switch capacitor
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provides zero voltage. Because the capacitor has a negative effect on the turn-on losses,
cf. Section 2.3.1, a notch is introduced at this particular moment by the auxiliary circuit.
This prevents dissipation of capacitor energy in the main inverter switches Q1 to Q6.
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Figure 2.10: Notch commutated 3-phase PWM ZVS inverter

In Figure 2.10b, the diagram is shown. In the upside diagram the gating signals of Q0,
Q1 and Q5 are depicted. Q3 is not shown due to the reason that the current direction of
iV leads to a commutation into the body diode. Therefore, the channel is not controlled.
The voltage at the three phase inverter state vin and the currents iDC and icc are shown
in the coordinate system in Fig. 2.10b.

t < t1: For describing the principle of operation, the initial state is assumed to be as
follows. The main switches Q1, Q3 and Q5 are in blocking state. Hence, the corre-
sponding capacitors C1, C3 and C5 are charged to vin. With the direction of currents
given in Fig. 2.10a this means that the current iU is flowing through the body diode
of Q2 and iW is flowing through the body diode of Q6 similarly. The current iV is
flowing through the channel of the turned on Q4.
Furthermore, it is assumed that the energy in LSN from previous events has been
transferred to CC so a voltage higher than VDC can be measured at the capacitor.
The notch switch Q0 is in blocking state.

t1 ≤ t < t2: At t = t1, the notch switch is activated. The Voltage vin increases to the
higher voltage of CC, which is KVDC with K > 1. This leads to a voltage over LSN,
which results in a negative current slope of the DC-link current iDC.

t2 ≤ t < t3: After reaching t2, the notch switch is turned-off. Hence, the current through
the DC bus snubber inductor LSN - flowing in opposite iDC direction - is forced
to flow over the 3 phase inverter. The still charged capacitors C1, C3 and C5 are
discharged and the current is flowing through the body diodes of the main switches
Q1 to Q6. This results in a voltage notch with vin = 0. Because the DC-link voltage
VDC is applied to LSN, the DC current starts increasing linearly.

t3 ≤ t < t4: For t = t3, the previously negative DC-link current becomes zero and further
increases. At this point the main switches Q1 and Q5 are turned on. The increasing
iDC charges the capacitors C2, C3 and C6.
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t4 ≤ t < t5: iDC reaches the level of the inverter input current IL. The remaining energy
in LSN commutates into the clamp capacitor and thus, the inverter input voltage
vin is clamped to the clamp capacitor voltage KVDC.

t > t5: The DC bus snubber inductor oscillates with the effective capacitance of the
inverter which is the sum of C2, C3 and C6.

In the mentioned publication [76], the circuit is described with a dedicated large inductor
LSN of a few micro Henry which is disadvantageous in terms of conduction losses or
achievable power density.
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2.4 Introduction to Snubbers
Snubber circuits are common in power electronics since decades, see e.g. [77]. In General
a snubber is a device which is capable of damping oscillations or reducing the stress on the
switching device, see [78–80]. Optimize the design and analyze the influence of the snubber
circuit on the switching event was targeted in various publications, e.g. [81–85]. Several
approaches have been analyzed like a dedicated damping resistor magnetically coupled to
the stray inductance [86]. However, the effectiveness for this approach strongly depends on
the magnetic coupling. Even a MOSFET with intrinsic snubber has been considered [87].
Since the availability of wide-bandgap semiconductors further research has been done to
reduce the ringing behavior or to reduce the voltage overshoot at higher switching speeds,
cf. [16, 88].
Because only capacitive snubbers are relevant in this work, inductive snubber concepts
presented by e.g. [89, 90] are not described in the continuation.

2.4.1 DC-Snubber
A DC-snubber or decoupling capacitor is a small capacitor compared to the DC-link ca-
pacitor which is connected at the DC terminals closer and thus, with lower inductance, to
the semiconductor. Therefore, the stray inductance Lσ = Lσ1 + Lσ2 between the DC-link
voltage source VDC and the power semiconductor is divided into two subinductors, cf. Fig.
2.11a. Thus, multiple harmonic frequencies can be observed which may cause EMI, cf.[83,
91]. The resistors Rσ1 and Rσ2 represent the losses in the subcircuits and considering skin
and proximity effect they are frequency dependent [61].
Basically, there are two approaches to design a DC-snubber. The first is to optimize the
ringing behavior by optimized damping in the subcircuit while secondly the overvoltage
reduction is goal of optimization.
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Figure 2.11: DC-snubber equivalent circuits

The basic DC-snubber circuit for halfbridge application is depicted in Fig. 2.11a (blue).
The Snubber capacitor is Csn, while Lsn represents the inductive part consisting of the
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capacitor ESL as well as the inductance of the snubber connection. Rsn is the resistive
part of the capacitor as the equivalent series resistor (ESR) and the parasitic connection
respectively. However, the inductive part may be reduced by effective magnetic coupling
under dedicated circumstance, see [91, 92]. Rdamp is a dedicated and optional damping re-
sistor. To reduce the voltage drop vRdamp during commutation, an optional free-wheeling
diode Df (red) can be applied. The placement of the DC-snubber leads to three possible
oscillation loops, cf. Fig. 2.11a (green). The first loop is the loop which is present without
snubber. The second loop is formed by the DC-link and the snubber itself, while the third
loop includes the snubber and the semiconductor capacitance.

Design for optimized oscillation damping
Depending on the oscillation loop chosen for optimization different equivalent circuits can
be derived from Fig. 2.11a. To analyze the complex system a common approach is a
reduction to a second order system, see [16, 88]. For deriving the equations it is assumed
that one body diode of either Q1 or Q2 is in conduction state. Hence, the voltage at the
diode is treated to be zero. Furthermore, it is assumed that Lσ represents the dominating
parasitic inductance. Additionally Coss is treated to be much smaller than Csn.

In case the snubber shall be optimized for oscillation loop III, cf. Fig. 2.11c, the
resonant angular frequency can be calculated with the assumptions previously made as
derived in Chapter A.2

ω0 = 1√
LσCoss

. (2.20)

An optimal damping can be achieved by selecting the damping resistor as

Rd = 2
√

Lσ

Coss
. (2.21)

In [16] as well as [88] the snubber capacitor value is obtained by using the resonant angular
frequency and the damping resistor as given above with

Csn = 1
ω0Rd

. (2.22)

Additionally, in [16] an additional capacitor without damping resistor was connected
in parallel to the DC-snubber. It has been found that the approach given above does not
lead to optimal damping with this setup and the values of Csn and Rd have been adjusted
manually. As a reason it is assumed by the authors that the additional capacitor lead to
interference which is not taken into account in the equations. Moreover, it has been found
that the presence of the DC-snubber with resistor has no influence on the total switching
losses.

Another approach for dimensioning the snubber assuming the equivalent circuit in Fig.
2.11b is adapted from [80]. With the baseline capacitance and baseline resistance

Cbase = Lσ

(
Iinit

VDC

)2
, (2.23)

Rbase = VDC

Iinit

, (2.24)
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where Iinit is the initial DC-link current before switching, the maximum voltage of vDS
appearing at t = tm and can be calculated with

vDSmax = vDC ·

1 + e−αtm

√√√√1 + Cbase

Csn
+ Rd

Rbase
− 0.75

(
Rd

Rbase

)2
 . (2.25)

Here, α and tm can be calculated with the following set of equations

ωa =
√

ω2
0 − α2, α = Rd

2Lσ

(2.26)

ϕ = arctan
(

vDC − IinitRd/2
ωaLσIinit

)
, γ = arctan ωa

α
, tm = ϕ − γ − π/2

ωa

. (2.27)

According to [80], the maximum voltage becomes minimal in case Csn = Cbase and
Rd = 1.3 · Rbase. Due to the configuration as depicted in Fig. 2.11a the initial voltage
of Csn before the switching event is equal to the voltage in case all oscillations have been
damped. With respect to the rule of energy conservation and neglecting semiconductor
losses the losses damped in Rd can be estimated as given in [80] p.674 with

WRd = 1
2LσI2

init. (2.28)

Design for overvoltage suppression
For an effective suppression of overvoltage during turn-off and diode recovery the parasitic
inductance between the snubber and the halfbridge has to be very small. Thus, Fig. 2.11b
is assumed as equivalent circuit. Because a load current flowing through Lσ, commutation
into the snubber path would lead to a voltage drop over Rd, the resistor is treated to be
a lumped resistor representing the parasitics in Fig. 2.11a.
The maximum capacitor voltage change ∆vCsn,max in an LC circuit can be calculated by
considering the energy stored in Lσ as well as the energy EDC provided by the DC-voltage
source VDC and leads to

∆vCsn,max =
√

Lσ

Csn
I2

init + 2WDC

Csn
. (2.29)

Here, Iinit is the initial current through Lσ. A low-resistive design with Rd(f = 0 Hz) ≈ 0
results in an initial snubber voltage vCsn0 ≈ VDC and with (A.4)ff., the necessary capaci-
tance with a given allowed voltage increase over the DC-link voltage κVDC = VDSmax −VDC
with a fraction of VDC as κ < 1 can be calculated with

Csn = Lσ

(
Iinit

κVDC

)2
. (2.30)
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Figure 2.12: Turn-off snubber equivalent circuit

2.4.2 Turn-Off Snubber
A turn-off snubber is similar to the DC-snubber from the analytical point of view. How-
ever, the RC combination is directly connected to a power switch minimizing the stray
inductance, see Fig. 2.12.
The diode Df ensures a low impedance conduction path if the semiconductor turns-off.
The energy in Lσ commutates into Csn which keeps the voltage low. Thus, the turn-off
event becomes soft as described in Section 2.3.2.
Due to the direct connection the capacitor is totally charged up to VDC after turn-off.
Considering that the turn-on time is much less than the snubber time constant Csn · Rd,
the energy stored in Csn is dissipated in the resistor at each turn-on event. Thus, according
to [93] (2.28) has to be extended to

WRd = 1
2LσI2

init + 1
2CsnV 2

DC (2.31)

Hence, the capacitance chosen for a turn-off snubber shall be as small as possible to keep
the losses in an acceptable range.

2.4.3 Power Loss Estimation
Similarly to the previous chapters, the worst case damping losses for a DC-snubber setup
can be estimated with (2.28) and for a turn-off snubber with (2.31). With an oscillation
triggered at every switching event, the mean damping losses are a function of switching
frequency fsw, the current Iinit and Lσ and Csn respectively. This leads to

Pdamp = WRdfsw, (2.32)

as a worst case assumption, while the energy WRd is damped on both turn-on and turn-off
event.
An important factor that can lead to deviations in practical setups are the series elements
in the snubber path, cf. Fig. 2.11a Lsn, Rsn and without Df also Rdamp. In case these
elements are significantly large, they cause an increased semiconductor voltage during the
turn-off. As a result, the effectiveness of overvoltage reduction is lower and the energy
from (2.28) is now partially dissipated in the semiconductor.
As an example application with a stray inductance of Lσ = 20 nH the worst case losses
for a DC-snubber setup are depicted in Fig. 2.13. It can be noticed that the losses are
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Figure 2.13: Exemplary DC-snubber worst case losses

significant for applications operating at higher current level.
However, in practical setups the parasitic resistors Rσ1 and Rσ2, cf. Fig. 2.11a show a
significant damping contribution. Thus, the losses shown in Fig. 2.13 are not dissipated
in the ESR at own but are distributed over all resistive components in the resonant circuit
such as connections, conductors and the DC-link capacitor. This may lead to significant
temperature increase and is targeted by e.g. [94] where an arrangement is introduced
with compact dedicated damping resistors. The damping resistors are mounted on the
ceramic substrate for improved loss dissipation and shall unburden the other components.
Further, the application of a DC-snubber capacitor for overvoltage reduction influences
the semiconductor losses as well. While such a DC-snubber reduces turn-off losses by
overvoltage reduction, the buffering effect weakens the voltage drop over the stray induc-
tance at turn-on similar to a conventional switching cell with DC-link capacitor and same
stray inductance. Hence, it increases the turn-on losses. This influence on the losses has
been analyzed and approved by [85, 95] for SiC-MOSFET application and by [96] for an
IGBT setup where a large DC-snubber has been found to be unsuitable for higher power
applications.

2.5 Ceramic Capacitors
Depending on the application, the optimal selection of the capacitor technology is essen-
tial. As already summarized by [97] in low frequency applications with a demand for
high energy density, electrolytic capacitors are most common. Nevertheless, they suffer
from a high ESR, low ripple current rating and wear out due to electrolytic evaporation.
Metallized Polypropylene Film Capacitors have superior characteristics in many points
as high voltage and ripple current capability as well as low loss and good properties at
higher frequencies. However, less specific capacitance and low energy density as well as
a relatively low temperature rating limit their use for applications where a comparably
high capacitance has to be connected with very low inductance in close proximity to a
semiconductor operating a temperatures close to 150 ◦C as it would be optimal for snub-
ber circuits.
With good high frequency and loss characteristics as well as availability of devices rated
for temperatures above 150 ◦C and good energy density, multilayer ceramic capacitors
(MLCCs) are a more suitable choice for this application. Recent developments in energy
density e.g. [98] or [99] show a promising development offering new solutions for high
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Figure 2.14: Exemplary assembly of a KC-Link capacitor [99]

integration. Therefore, this section shall tread important considerations influencing the
device selection.

2.5.1 Mechanical Construction
Basically, the body of a MLCC consists of a stack of ceramic layers each coated with a
metallization. The outer electrodes or termination are usually a combination of several
interface layers but other types of electrodes like sintered metal plates are also available
[98]. An assembly for a capacitor technology used in this work is given in Fig. 2.14 for
an example. It can be seen that the inner electrodes are relatively thin compared to
the ceramic material. Therefore, the assumption can be made that the ceramic material
mainly determines the mechanical and heat dissipation behavior.
Failure modes can be divided in either extrinsic failure, mainly due to non-optimal pro-
cessing, environmental influence or intrinsic failures due to device chemistry and physics
[100, 101]. Mechanical stress may cause rupture of the ceramic body which can lead to a
decreasing insulation resistance [102].

2.5.2 Dielectric Materials
For ceramic capacitors several material alloys are available for the dielectric. By applying
an electric field to a dielectric, its insulating property prevents a charge transport from
one electrode to the other. However, a short distance charge transport happens within
an atom, molecule or small conductive areas and results in a dipole moment. Then, the
material is called polarized. Depending on the characteristics ceramics are grouped into
three classes as described in [103].

Class I dielectrics have a low relative permittivity of 5 to a few hundred and therefore,
a low energy density. The dissipation factor tan δ is very low (<< 0.01) and the tem-
perature dependency is linear from zero to several thousand ppm/◦C. Related modern
materials are based on simple oxides like TiO2, CaTiO3 and modified (Ca, Sr)(Zr, T i)O3
[103]. According to [104], class I materials don’t show a piezoelectric behavior. Due to
its properties class I ceramics are used where low losses and linearity are required.
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Class II dielectrics are usually based on Barium Titanate BaTiO3 and SrT iO3 and
are available with a relative permittivity above 20.000. This is caused by its ferroelectric
characteristic. According to [105], class II ceramic properties vary more with temperature,
field strength and frequency than class I ceramics but their effects can be modified by
doping with e.g. Ca,Zr or Sn. Furthermore, the dissipation factor is higher than those of
class I ceramics with tan δ < 0.03 but can exceed this value at high AC load and in some
temperature ranges. Additionally, class II materials are piezoelectric in their ferroelectric
phase, see [104, 106]. This results in a change in mechanical dimensions by applying an
electric field and vice versa.
Ferroelectric materials show domains with equal intrinsic electric field orientation Fig.
2.15.

Figure 2.15: Areas with intrinsic field orientation
left:unpolarized, right: polarized

With an increasing electric field, more and more domains orient in field direction and
store energy. A similar effect is known from the Weiss-domains in ferromagnetism from
which the prefix ’ferro’ is derived in ferroelectric.
Materials where each neighbor of a domain is oriented in opposite direction are called
antiferroelectric. This results in a slightly different behavior than normal ferroelectric
material as it can be seen in Fig. 2.16.

Figure 2.16: Scheme for polarization P over electric field E for relaxor ferroelectric (left)
and antiferroelectric (right) material after [107]

Figure 2.16 shows the hysteresis of a relaxor ferroelectric and an antiferroelectric ma-
terial. This hysteresis indicates the expectable capacitance/voltage behavior of the ca-
pacitor. Within a relaxor ferroelectric material many domains flip already at lower field-
strength. Hence, the capacitance is going to be at its maximum at zero voltage. Con-
trariwise, at the antiferroelectric material, most domains will flip not until a specific field
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strength is reached. As a result, such a capacitor will show its capacitance peak at a
voltage different from zero, see [98, 106].

Class III dielectrics are processed in that manner that each grain has a conductive
core insulated by a thin shell. Hence, the electric field only concentrates in the thin shells
which results in very high specific capacitance values. It should be noted that due to
the low shell thickness, these capacitors are only available for low voltages and therefore
being unattractive for high power applications.

2.5.3 Electrical Characteristics
As mentioned above, ceramic material properties can vary with temperature, frequency
and applied electric field strength. Hence, the ceramic properties have an immediate
influence on the electric characteristic of a capacitor and the possible field of application.
Further, the electrical properties vary also with the mounting direction.

Rs ESL
C(f,ϑ,V )

Rp(f,ϑ,V )

ESR(f,ϑ,V ) C(f,ϑ,V )

Figure 2.17: Complete capacitor equivalent
circuit (top), simplified (bot-
tom)

With capacitor electrodes parallel to
the mounting fixture, additional harmon-
ics could be observed [108].
The capacitor can be modeled with the
equivalent circuit shown in Fig. 2.17 (top).
Rs is the serial resistance mainly caused by
the connection. According to [109], it is
very small up to the Megahertz range and
then becomes significant due to skin effect.
The ESL is the equivalent serial inductance
and C the capacitance of the device. Rp
describes the ceramic properties as well as
the insulation resistance for DC bias.
Figure 2.17 (bottom) shows the simplified
capacitor model with frequency, tempera-
ture and voltage dependent ESR and C.
The equation of the simplified equivalent
circuit is derived from the complete model
and results in

Z = Rs + Rp

(ωCRp)2 + 1 + j

(
ωL − ωCR2

p

(ωCRp)2 + 1

)
. (2.33)

Here, it is assumed that the capacitance is the dominant imaginary part over the target
operation area. It should be noted that the linear model of (2.33) does not include the
non-linear characteristics of the dielectrics mentioned in Section 2.5.2 which cause a more
complex device response. These non-linear dependence of the ESR and C from voltage,
temperature and frequency is well known and has been reported many times, see [110–114].

Breakdown behavior
Another application relevant point is the breakdown behavior of the ceramic material.
There are long and short term effects. While especially foil capacitors show self healing
property, ceramics don’t. Therefore, the recommended voltage during application is about
five times lower than the breakdown value [105].
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A thermal breakdown is described with heating due to dielectric loss and the result-
ing decrease in insulation resistance which may result in thermal runaway and finally a
breakdown.
Another effect is called discharge breakdown and describes a decreased breakdown voltage
during charge and discharge. One hypothesis is given in [105]. At DC operation a high
field concentrates at impurities and inhomogene pores in the dielectric material. If the
critical field is reached, a discharge at this point occurs and leads to a local field reduc-
tion. The recharge process at DC takes time due to low leakage current and therefore,
the interval between subsequent events is low. During AC operation, a discharge orrurs
every half cycle contrary to DC when the leakage current causes the recharge. Hence, a
breakdown at AC is more likely and the breakdown-voltage for AC load is lower. Another
hypothesis is investigated by [115], where the lower breakdown is considered as a strain
induced process. As mentioned above, some ceramic materials change their mechanical
measurements in presence of electric field. As a result, the strain will change periodically
with the applied AC field and may finally result in early breakdown due to e.g. interface
separation or mechanical breakage.
Long term degradation is discussed in [105] and is explained with different mechanisms.
E.g. environmental effects may cause rougher surfaces and lead to increased absorption
of moisture and conductive impurities. Another effect is electrochemical action at DC
condition and may lead to e.g. migration of silver on surfaces or along grain boundaries.
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3 Introduction and Modeling of an
Optimized Commutation Circuit

In this work, an optimized commutation circuit is presented and its manner of operation
was patented in [116] and further investigated in [117] and [118]. In Section 2.1 it was
mentioned that the wide-bandgap materials silicon carbide and gallium nitride are still
suffering from poor raw material quality and high cost. Therefore, it is most reasonable to
maximize their potential in the target application of medium and high power conversion
at voltages above 500 V and currents above 100 A. Because silicon carbide has the highest
state of development at the moment and it is the better choice for higher power ratings,
it is chosen as the semiconductor material in this work. Basically, the proposed setup is
also applicable for other semiconductor materials.

To maximize the utilization of SiC the losses must be decreased to a minimum. In
Section 2.1.3, is has been shown that the on-state resistance is strongly dependent on the
specified breakdown voltage of a MOSFET device. Additionally, a MOSFET must be
selected with respect to the maximum expected drain-source voltage during operation,
which usually appears at the negative current slope at turn-off, see Sect. 2.3. Hence, at a
given current slope or switching speed respectively, a reduction of the turn-off overvoltage
enables the choice of a device with lower breakdown-voltage and better on-state resistance
or the operation at higher DC-link voltage. Both lead to lower losses per output power.
But it has to be noted that this relationship couples the demand of low on-state resistance
or high DC-link voltage to the achievable switching speed. As it can be derived from Sect.
2.3 the coupling factor is the setup’s stray inductance. Therefore, a strong reduction of
stray inductance is a mandatory goal for reducing the turn-off overvoltage and reduce
either the on-state resistance or alternatively increasing the DC-link voltage respectively.
As outlined in Sect. 2.2, for practical systems some important limitations make further
minimization of the stray inductance challenging. Usually, the DC-link capacitor and
the power module are developed and manufactured by different vendors and both com-
ponents are assembled at customer side. This leads necessarily to a standardization of
interfaces between the components or adaptations with the tacit requirement of easy as-
sembly. These facts are strong inhibitors of reducing the stray inductance and limit the
achievable over all system efficiency and in conclusion, better utilization of the power
semiconductor.
Hence, a possible optimization in terms of stray inductance reduction and keeping the
requirement of easy assembly for both dedicated components might be achieved by trans-
ferring the requirement of low stray inductance only to the power module.
Another important point to be considered is that a minimized stray inductance reduces
the voltage drop at turn-on and would lead to higher turn-on losses at similar switching
speed. It can be found in the literature that by keeping the switching speed constant, a
change in the stray inductance has only a negligible effect on switching losses [22]. This
results from the increase of turn-on losses and simultaneous reduction of turn-off losses.
By considering the above mentioned points the second important requirement can be
made as a high stray-inductance at turn-on and a low stray inductance at turn-off. This
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requirement for its own can be achieved by good approximation with the DC-snubber
circuit shown in Fig. 2.11a with a large capacitor. By designing the stray inductance Lσ2
very low, for example by integrating the snubber circuit inside the power module on sub-
strate level, the low commutation relevant stray inductance for turn-off can be provided
by the snubber. At turn-on, a large damping resistor Rdamp and the free-wheeling diode
Df decouple the snubber and a larger stray inductance Lσ1 would lead to the desired high
voltage drop and low turn-on losses. However, the rule of energy conservation prescribes
undesired damping losses with (2.28), which makes this solution uninteresting for higher
power applications, cf. also [96].
To overcome this problem, a solution without or negligible damping losses would be rea-
sonable. To keep the rule of energy conservation and do not dissipate the energy by
damping, it must be actively converted to usable energy by transfer to the load or must
be recovered into the DC-link capacitor.

In the following section a new setup and principle of operation is described successively
which achieves the previously made requirements as presented by [117].

Further, a theoretical model for the setup is developed to evaluate characteristics which
might not be easy to find with empirical studies and to gain a detailed understanding of
the circuit. The model is validated and used for exemplary applications in Chapter 4.
The goal of the active snubber with asymmetric stray inductance is to enable highest
switching speed. As it will be shown, fastest switching speed allows to make use of
some simplifications during modeling. In applications with limited switching speed, these
simplifications may not be utilized and reduce the model application.

3.1 Optimized Circuit Introduction
In this section, the asymmetric active snubber circuit, see Fig. 3.1, its key features and
the principle of operation is introduced, see also [117].
As described above, a reasonable optimization targets a large stray inductance during
turn-on as well as a small stray inductance during turn-off. Further, the mentioned
constraints for easy assembly might be achieved by transferring the requirement of a low
inductive commutation cell to the power module. The circuit shown in Fig. 3.1 is designed
with a DC-snubber like capacitor Csn in practice carried out as a ceramic capacitor placed
on substrate level inside the power module. This allows a very low commutation loop
inductance for turn-off to be calculated with

LσOff = Lhb + Lsn · (Llink + Lcon)
Lsn + Llink + Lcon

(3.1)

To get a desired large stray inductance at turn-on LσOn, this snubber must be disconnected
during turn-on, so the effective stray inductance at turn-on is given by

LσOn = Lhb + Llink + Lcon. (3.2)

(3.2) can be simplified for Lhb ≪ Llink + Lcon to

LσOn ≈ Llink + Lcon = Lmain (3.3)

with Lmain for the inductance of the main DC-link circuit. Similarly, with Lsn ≪ Llink +
Lcon (3.1) can be simplified to

LσOff ≈ Lhb + Lsn. (3.4)
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Figure 3.1: Setup equivalent circuit

Additionally, the damping losses must be controlled for total loss reduction. Both de-
coupling at turn-on as well as prohibiting resonant oscillation is done by placing a small
switch with anti-parallel diode like a MOSFET, cf. Fig. 3.1 Qaux, in series to the capac-
itor. This switch is only turned on during a short period during the switching events as
described below.

3.2 Operation at Turn-On and Diode Recovery
In this section, a simplified description of the turn-on event with the setup above is given.
The corresponding desired timing is shown in Figure 3.2.

t < t1: Initially, the following assumptions are made. Q2 is in blocking state and a con-
stant load current ILoad is flowing into the AC terminal, here exemplary connected
to the junction at Qaux, cf. Fig. 3.1. Therefore, the body diode of Q1 is in con-
duction state and its voltage vDS1 is close to zero. Additionally, it is assumed that
the snubber capacitor Csn is charged up - due to previous switching events - up to
a voltage higher than the DC-link capacitor, Vsn0 > VDC. The auxiliary switch Qaux
is in blocking state, so its voltage is

vDSaux(t < t1) = Vsn0 − VDC.

t1 ≤ t < t2: At t = t1, the gate signal of the blocking switch Q2 is turned on and the
load current starts commutating from Q1 to Q2. The increasing current gradient of
iD2 and the deliberately large stray inductance LσOn (see (3.2) and Fig. 3.1) result
in a significant voltage drop down to zero. This results in a quasi soft behavior
and the turn-on losses are very small. It has to be noted that in this interval, the
chip capacitance Coss2 is discharged through the channel also. So the stored energy,
calculated later with (3.15), is dissipated in the semiconductor but not measured
which might not be negligible.
The increasing voltage over Lmain also leads to a voltage drop over the auxiliary
switch Qaux which has to be taken into account for proper dimensioning and device
selection. In case Lhb is very low compared to Lmain, vDSaux nearly reaches the
snubber voltage vsn with a difference of
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Figure 3.2: Turn-on event after [118]

vsn − vDSaux = Lhb · diD2

dt
.

t2 ≤ t < t3: In this interval, the total DC-link voltage is across LσOn and the current
slope is determined by

diD2

dt
= vDC

LσOn

until iD2 is equal to the load current at t = t3.

t3 ≤ t < t4: After iD2 is equal to the load current, the charge in the body diode of Q1
recovers and the reverse recovery current leads to a drain-source current higher than
the load current. The voltage vDS1 increases until it reaches the snubber voltage vsn
level. Simultaneously, the voltage at the auxiliary switch vDSaux decreases down to
zero. It reaches zero slightly before the maximum peak voltage v̂DS1 occurs.
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It should be noted that the current in the DC-link ilink becomes positive due to the
reverse recovery current. Hence, the stray inductance Lmain contains an energy of

WLmain = 1
2 · Lmain · i2

link. (3.5)

Further, as the voltage at the auxiliary switch vDSaux becomes zero, its body diode
gets in conduction state. As a result, for the diode turn-off, the commutation circuit
changes in its effective stray inductance from LσOn to LσOff .
During this period of the diode turn-off, the voltage at Q1 increases to its maximum
v̂DS1 which is only determined by the very small effective stray inductance, the
current gradient and the snubber voltage

v̂DS1 = LσOff · diD1

dt max
+ vsn. (3.6)

Additionally, the current ilink driven by Lmain starts commutating into the snubber
capacitor. As a result, the remaining energy in Lmain acc. (3.5) and the power
provided by the DC-link begin to charge the snubber capacitor

t4 ≤ t < t5: For t = t4, the diode recovery process is finished. The cosinusoidal snubber
current is determined by the resonant circuit consisting of Csn and

Lres = Lmain + Lsn. (3.7)

Due to this comparatively large inductance and the large snubber capacitance, the
resonant frequency of this circuit is comparatively low.
Due to the low frequency and the small value of LσOff , the voltage drop over this
inductance Lhb becomes negligible. This results in a voltage over the turned-off
switch Q1 similar to the snubber

vDS1 ≊ vsn.

During this period, the energy WLmain and energy provided by the DC-link is trans-
ferred to the snubber capacitor until its voltage reaches its maximum at t = t5
leading to an energy change in the capacitance of

∆WCsn = 1
2 · Lres · i2

sn(t4) + WDC (3.8)

= 1
2 · Csn · ∆v2

sn (3.9)

By inserting ∆v2
sn = v2

sn(t5) − v2
sn(t4) into the previous equation and rearranging to

vsn(t5) the peak snubber voltage VsnMaxOn can be estimated as

VsnMaxOn =
√

Lres

Csn
i2
sn(t4) + v2

sn(t4) + 2WDC

Csn
. (3.10)

t ≥ t5: By entering this interval, the snubber current becomes zero and the body diode
of Qaux gets into blocking state. As a result, the snubber is disconnected and the
voltage vDS1 reduces to the DC-link voltage VDC again.
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Figure 3.3: Turn-off event after [118]

3.3 Operation at Turn-Off
t < t1: Similar to the turn-on event, it is assumed that previous switching events have

charged the snubber capacitor to a voltage higher than the DC-link voltage Vsn0 >
VDC. Before t1, Qaux is in blocking-state. Q2 is in conduction state, so its drain
current equals ILoad. Additionally, its voltage is zero, which results in a drain-source
voltage of the complementary transistor Q1 equal to VDC.

t1 ≤ t < t2: At t = t1, the auxiliary switch Qaux is turned on rapidly. Because the snub-
ber current slope is mainly determined by the characteristics of the resonant circuit
Csn and Lres (see (3.7) and Fig. 3.1), the snubber current remains nearly zero during
the turn-on event of Qaux. Hence, it is turned on with zero current and therefore,
negligible losses. It should be noted that the voltage of the blocking transistor vDS1
increases to Vsn0.
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The higher snubber voltage vsn, results in a sinusoidal discharge current. This dis-
charge current reduces the DC-link current ilink by constant load current through
Q2. During this phase the snubber partially provides energy to the load and unbur-
dens the main DC-link. As a result, energy that would be damped in a conventional
DC-snubber setup according to Fig. 2.11a, is now fed to the load by reducing the
provided power of the main DC-link.
At the end of this period timed by choosing t2, the snubber current is approxi-
mately at its minimum isnMin and vsn(t2) ≈ VDC. The retrievable energy stored in
the snubber capacitor at previous switching events is nearly totally released. With
isn = ilink − iD2 this results in the minimum achievable remaining DC-link current
ilinkMin and the energy change in Lmain can be calculated with

∆WLmain = 1
2 · Csn · ∆v2

sn (3.11)

= 1
2 · Lmain · ∆i2

sn, (3.12)

where ∆vsn = Vsn0 − vsn(t2). Thus, the resulting snubber current at this point can
be calculated by considering (3.12) and rearranging to

∆isn =
√

Csn

Lmain
∆v2

sn. (3.13)

Now the remaining current in the DC-link can be calculated

ilink = ILoad − ∆isn (3.14)

t2 ≤ t < t′
2: The turn-off event of the conducting power switch Q2 is started at t = t2 by

decreasing the gate-voltage vG2 to low level.
In this description t2 is chosen considering the snubber voltage is similar to the DC-
link voltage vsn(t2) ≈ VDC. It should be noted that the selection of t2 is a manner
of optimization. A comprehensive examination is shown in Section 3.5.
Additionally, during this period the snubber voltage vsn and the DC-link current
ilink remain nearly constant, which is caused by the much larger oscillation period
of the resonant circuit Csn and Lres compared to the turn-off duration. Only a slight
change is caused by the commutation current. Hence, the commutation current is
mainly provided by the snubber capacitor. This results in the very small effective
stray inductance according to (3.4).
The high voltage slope of vDS2 causes a displacement current in the parasitic ca-
pacitance of the complementary switch Q1 which leads to a reduction of the drain
current iD2. Maximizing the switching speed can lead to a quasi soft turn-off as
described in Section 2.3.2. The parasitic capacitance of Q2 is charged with

WCoss2 ≈ 1
2 · Coss2 · vsn(t′

2)2 (3.15)

for a parasitic capacitance Coss2 assumed to be linear.

t′
2 ≤ t < t3: At t = t′

2, the voltage of the switching device vDS2 equals the snubber voltage
vsn equal to the DC-link voltage. The voltage of the complementary switch vDS1
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becomes zero and the current starts flowing though its junction. Hence, according
to Section 2.1.2 a forward recovery voltage vfr might be measured which may limit
the achievable switching speed of Q2. The resulting voltage of Q2 is described by
a superposition of the slightly increasing snubber voltage, the forward voltage and
the induced voltage in the small effective stray inductance LσOff

vDS2 = vsn + vfr + LσOff
diD2

dt
. (3.16)

After reaching its maximum v̂DS2, it approaches the snubber voltage vsn.

t3 ≤ t < t4: At the beginning of this period, the switching event of Q2 is finished. Despite
of the period t2 ≤ t < t′

2, now iD2 is zero. Hence, the snubber current becomes
equal to the DC-link current isn = ilink. Very similar to the turn-on event period
t3 ≤ t < t4 the cosinusoidal snubber current is determined by the resonant circuit
consisting of Csn and Lres. However, due to the similarity of snubber- and DC-link
voltage, the energy provided by the DC-link can be neglected in the calculation.
The remaining energy in Lmain, see (3.3), can be calculated with (3.5) which is
transferred to the snubber capacitor. The snubber voltage at the end of this period,
where the oscillating current crosses zero, can be calculated by adapting (3.10) to

vsnMaxOff =
√

Lres

Csn
ilinkMin + vsn(t3). (3.17)

t ≥ t4: At t = t4, the snubber current reaches zero. The auxiliary switch is now turned
off rapidly for zero current switching and for preventing further oscillation. Hence,
its voltage raises to vsnMaxOff − VDC. The energy from the stray inductance is now
stored for subsequent turn-off events.
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3.4 Modeling the Turn-On Event
In this section, the described turn-on event according to Section 3.2 is modeled mathemat-
ically. Similarly, it is assumed that the fall time of the drain-source voltage is much lower
than the current rise time. Hence, a large effective stray inductance LσOn is assumed.
This results in an interval, where the total DC-link voltage is across this stray inductance
and the turn-on event becomes quasi soft, cf. Sect. 2.3.1. Further, it will be shown under
which conditions this assumption becomes invalid and the model shown starts deviating
from measurements.
In addition, for the sake of a manageable model, it is based on some simplifications. It is
known that the behavior of the body diode is a function of temperature, current gradient
and forward current amplitude and dead-time, cf. [40, 119–122] as well as dependent on
a possible parasitic turn-on [123]. One major simplification is lumping the reverse recov-
ery charge as well as the behavior of the non-linear output capacitance [119, 120] into a
single linear capacitance Coss∗. Then, Coss∗ models the bipolar current part as well as the
capacitive displacement part of the diode, see also [124]. This simplification is valid if the
carrier lifetime during diode recovery is not artificially increased, e.g. by carrier life-time
modulation.
The switching behavior of the semiconductor is simplified with a linear decreasing voltage
slope, which is sufficient at the desired high switching speed as it will be shown. Further,
the auxiliary switch has an output capacitance assumed to be negligible. However, in a
practical setup with very fast recovery diode behavior the displacement current in this
output capacitance might be significant.
With respect to Figure 3.1 the inductance Lhb and Lsn are lumped into a single one
Lsnhb. This is valid for Lhb ≪ Lmain to achieve a similar resonant frequency and turn-off
overvoltage and results in an equivalent circuit shown in Fig. 3.4.

Lsn → Lsnhb = Lsn + Lhb. (3.18)

Further, this simplification is suitable for practical setups in which Lhb is very small.
Thus, in case the snubber capacitor is placed with higher inductance Lsn, e.g. on driver
board, the model remains valid.
These simplifications allow a model derivation for subsequent intervals as depicted in Fig-
ure 3.2.
Finally, the model shall be used to calculate the damping losses during the intervals.
Hence, the corresponding resistors are included in the circuit as well.

According to Fig. 3.4, the description relies on a turning on semiconductor Q2. Hence,
the body diode of Q1 is initially in conduction state. An important point to mention
is the frequency dependence of Rmain - which models the losses in the connection to the
DC-link capacitor and the capacitor itself - due to skin and proximity effect and capacitor
loss factor. So for the continuous load current this resistance is very low and increases
for the AC-signals in the further described intervals. Hence, the initial snubber voltage
before the very first switching event is very similar to the DC-link voltage VDC.
A complete mathematical successive solution including initial states and important com-
plex derivation steps can be found in Appendix A.3.

Interval t1 ≤ t < t2
Equal to Section 3.2, the semiconductor Q2 starts turning on at t1 = 0, cf. Fig. 3.1.
Its drain-source voltage vDS2 is modeled as linear decreasing and due to the blocking
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Figure 3.4: Model equivalent circuit

auxiliary switch, a circular current increases within the loop over the DC-link capacitor
and its connection to the halfbridge. As a result, a voltage drop occurs across Lmain and
Rmain in the first interval t1 ≤ t < t2. The DC-link current can be calculated with

ilink(t) = VDC

tf12Rmain

( 1
2δ14

(e−2δ14t − 1) + t
)

, (3.19)

where the voltage fall time is tf12 = t2 − t1. To calculate the damping coefficient the
following well-known equation, see also (A.33), is used

δ14 = Rmain

2Lmain
. (3.20)

The indices -14- refer to a coefficient valid from t1 to t4.

Interval t2 ≤ t < t3
After the channel of Q2 is opened, its voltage vDS2 equals zero and the total DC-link
voltage VDC lies across Lmain and Rmain. Within this interval t2 ≤ t < t3, the further
current increase is almost linear for small Rmain and can be described with

ilink(t) = VDC

tf12Rmain

( 1
2δ14

(e−2δ14t − e−2δ14(t−tf12)) + tf12

)
. (3.21)

To calculate the point in time when ilink reaches the load current level, (3.21) can be
rearranged to t = t3 as

t3 = − ln
( ILoadRmain

VDC
− 1)2δ14tf12

1 − e+2δ14tf12

 /(2δ14). (3.22)

Special case: Slow voltage slope or low load current
In case the voltage slope is smaller or the load current is comparatively low, ilink may
reach the load current level before vDS2 becomes zero. In such a case, t3 calculated with
(3.22) is smaller than or equal to t2. Hence, the first two intervals (or even further
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intervals) overlap and the previously shown (3.21) is omitted. Furthermore, this means
that vDS1 starts increasing before vDS2 has reached zero and thus, (3.19) becomes invalid.
However, for a small difference between t2 and the calculated t3, (3.19) may be applicable
with acceptable deviation, as it will be shown in Section 4.3. Appropriately, t3 can be
calculated by rearranging (3.19) to t = t3 by using the Lambert-W-function

t3 =
W
(
−e−K∗

)
+ K∗

2δ14
(3.23)

and by setting K∗ to be
K∗ = ILoadR2

main
VDCLmain

tf12 + 1. (3.24)

Interval t3 ≤ t < t4
For the following derivations, the initial assumption of a high voltage slope of vDS2 and a
comparatively high load current shall be valid.
The DC-link current has reached the load current value at t = t3 and hence, the recovery
process of the Q1 body diode starts. In this interval the current iD1, see Fig. 3.4, is
positive due the reverse recovery charge. The drain-source voltage of the passive switch,
here Q1, increases. Hence, its output capacitance Coss∗ charges and as a result, the
voltage across the auxiliary switch Qaux decreases, see also Fig. 3.2. After the peak
current Irrm occurs, cf. Fig. 3.2, the current slope becomes negative and - caused by LσOn
- the voltage across the passive switch further increases until it becomes equal to the
snubber voltage Vsn0. Vsn0 is higher than VDC caused by charging during former switching
events as discussed in Sections 4.6. Thus, the body diode of the auxiliary switch becomes
conductive. However, in a real setup, where the output capacitance of Qaux might allow
a significant displacement current, the parasitic elements in the snubber path, Lsnhb and
Rsn, may cause a measurable voltage drop which shall be neglected here.
Hence, the main stray inductance Lmain and the output capacitance Coss∗ result in a
resonant circuit with the following parameters

ω034 = 1√
LmainCoss∗

and (3.25)

ωd34 =
√

ω2
034 − δ2

14. (3.26)

This allows the calculation of the DC-link current according to the following equation

ilink(t) = A34e
−δ14(t−t3) sin(ωd34(t − t3)) + ILoad, (3.27)

where A34 is very similar to the reverse recovery peak in case e−δ14(t−t3) ≈ 1. Otherwise,
A34 can be calculated under the condition of fast switching with vLmain = VDC in the
interval t1 ≤ t < t2 by

A34 = VDC

tf12Rmainωd34

(
e−2δ14(t3−t2) − e−2δ14t3

)
, (3.28)

which changes for low current values due to the skipped interval (t2 ≤ t < t3) to

A34 = VDC

(t3 − t1)Rmainωd34

(
1 − e−2δ14t3

)
. (3.29)
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The end of this interval at t = t4, can be estimated with

t4 = arccos(K)/ωd34 + t3, (3.30)

in case the damping is negligible (δ14 << ωd34) and where K is given by

K = (VDC − Vsn0 − RmainILoad) 2δ14tf12

VDC(e−2δ14(t3−t2) − e−2δ14t3) . (3.31)

Interval t4 ≤ t < t5
Considering a real setup, the conducting body diode of Qaux yields to multiple resonant
circuits sharing the snubber path. One is the resonant circuit formed by the main stray
inductance Lmain and Lsnhb

Lres = Lsnhb + Lmain (3.32)

and the snubber capacitor Csn with a comparatively low resonant frequency. In this circuit
the resonance contains the major part of oscillating energy if Lmain ≫ Lsnhb. The second
resonance occurs between the output capacitance Coss∗ of Q1 and the snubber inductance
Lsnhb with smaller energy. Because goal is describing the snubber behavior and losses,
latter resonance is neglected and not considered by the model. Hence, only the resonance
between Lres and Csn is analyzed further.
For further derivations, the peak value of the AC part of the oscillating DC-link current
at t = t4 is important and can be calculated by subtracting the load current from (3.27)
resulting in

ilinkAC(t4) = A34e
−δ14(t4−t3) sin(ωd34(t4 − t3)). (3.33)

Appropriately, the relevant parameters of the target resonant circuit are

ω045 = 1√
LresCsn

, (3.34)

δ45 = Rmain + Rsn

2Lres
and (3.35)

ωd45 =
√

ω2
045 − δ2

45. (3.36)

These parameters and (3.33) allow the calculation of ilink in the last interval t4 ≤ t < t5
resulting in

ilink(t) =e−δ45(t−t4)[ilinkAC(t4) cos(ωd45(t − t4)) + A45 sin(ωd45(t − t4))] + ILoad (3.37)

with the parameter

A45 =(VDC − Vsn0 + RsnILoad)
Lresωd45

− δ45

ωd45
(ilinkAC(t4) + 2ILoad). (3.38)

The end of the switching event occurs for t = t5 when the DC-current crosses zero. t5 can
be estimated in case of negligible damping with

t5 =
arctan

(
−A1t5

A2t5

)
ωd45

+ t4, (3.39)
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where A1t5 and A2t5 are defined by

A1t5 =ilinkAC(t4)ωd45Lres and (3.40)
A2t5 =VDC − Vsn0 + RsnILoad − Lresδ45(ilinkAC(t4) + 2ILoad). (3.41)

With the knowledge of t5, the calculation of the snubber current within the last interval
can be done with

isn(t) = ilink(t) − ILoad

= e−δ45(t−t4)[ilinkAC(t4) cos(ωd45(t − t4)) + A45 sin(ωd45(t − t4))].
(3.42)

This allows the calculation of the snubber voltage change by integration to obtain the
charge and division by the snubber capacitance as

∆vsn =A45Vsn1e
−δ45(t−t4) sin(ωd45(t − t4))

+ A45Vsn2
(
1 − e−δ45(t−t4) cos(ωd45(t − t4))

)
,

(3.43)

with the parameters

A45Vsn1 =ilinkAC(t4) + 2ILoad

ωd45Csn
− 2ωd45LresILoad − δ45

ωd45
(VDC − Vsn0 + RsnILoad) and

(3.44)
A45Vsn2 =VDC − Vsn0 − RmainILoad. (3.45)

The end value of the snubber voltage can now be calculated with

vsn(t5) = VsnMaxOn = Vsn0 + ∆vsn. (3.46)

3.5 Modeling the Turn-Off Event
In this section, the model for the turn-off event is derived. Goal of the turn-off event is to
describe the snubber current to enable loss estimation as well as snubber voltage change.
For stability purposes, the snubber voltage change shall be calculable as a function of
the load current, the switching speed and the initial snubber voltage before the switch-
ing event. This eases the assessment of stability during subsequent switching operation
together with the turn-on model.
Because during the whole event the auxiliary switch is in conduction state, the oscillation
circuit parameters are equal to

ω0 = ω045, δ = δ45 and ωd = ωd45 (3.47)

as it is used in Appendix A.4 where a complete successive solution can be found similar
to the turn-on. Additionally, the equivalent circuit according to Figure 3.4 can be used.
However, the behavior of the turning off semiconductor Q2 is not approximated by a linear
voltage but a linear current slope.

Interval t1 ≤ t < t2
Similar to the turn-on, t1 is defined to be zero, cf. Fig. 3.3. Thus, the first interval is
described by a simple damped oscillation according to

isn(t) = A0

ωd

· e−δt · sin(ωdt), (3.48)
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where
A0 = VDC − Vsn0 − RmainILoad

Lres
(3.49)

is a constant and recurrent parameter used in further equations. Integration of (3.48) and
division by the snubber capacitance leads to the equation for the snubber voltage change
within this interval

∆vsn(t) = −A0Lres

[
e−δt( δ

ωd
sin(ωdt) + cos(ωdt)) − 1

]
. (3.50)

Setting ∆vsn(t2) equal to ∆vsn(t) = VDC − Vsn0, allows the calculation of of the point in
time t2 with negligible damping by rearranging (3.50) to

t2 =
arccos

(
RmainILoad

RmainILoad−VDC+Vsn0

)
ωd

. (3.51)

As mentioned above, Rmain is frequency dependent and in case the voltage drop RmainILoad
is negligible as well, this equation simplifies to

t2 = π

2ωd
. (3.52)

Interval t2 ≤ t < t3
In the following interval, cf. Fig. 3.3, the drain current slope of the turning off Q2 is
modeled as linear decreasing with a duration of tf23 = t3 − t2. The resulting snubber
current can be calculated with

isn(t) = A0

ωd
e−δt sin(ωdt) + RmainCsn

ILoad

tf23

[
1 − e−δ(t−t2) cos(ωd(t − t2))

]
+ ILoad

tf23ωd

(
Lmain

Lres
− δRmainCsn

)
e−δ(t−t2) sin(ωd(t − t2)).

(3.53)

(3.53) simplifies for negligible damping with δ ≪ ωd and for tf12 ≪ T0 to

isnSimpl(t) = VDC − Vsn0

Lresω0
sin(ω0t) + ILoadT0

2πtf23

Lmain

Lres
sin(ω0(t − t2)). (3.54)

where T0 = 2π/ω0 is the period of the undamped oscillation and Lmain
Lres

considers the
capability of the snubber path to provide steep current slopes.
(3.53) results in a snubber voltage change within the first and second interval calculable
with

∆vsn(t3) = A0Lres

[
1 − e−δt3

(
δ

ωd
sin(ωdt3) + cos(ωdt3)

)]

+ ILoad

tf23

[(
Lmain − 2δ

ω2
0
Rmain

)(
1 − e−δtf23 cos(ωdtf23)

)]

− ILoad

tf23

[(
Rmain

ω2
0

(
ωd − δ2

ωd

)
+ δ

ωd
Lmain

)
e−δtf23 sin(ωdtf23)

]
+ RmainILoad.

(3.55)
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It should be mentioned that (3.53) may result in a negative value at t2 in case the initial
snubber voltage and hence the stored energy is comparatively high. This effect is further
discussed in Section 4.5.

Interval t3 ≤ t < t4
To calculate the snubber current in the final interval, the following equation can be used.

isn(t) = A0

ωd
e−δt sin(ωdt)

+ RmainCsn
ILoad

tf23

[
e−δ(t−t3) cos(ωd(t − t3)) − e−δ(t−t2) cos(ωd(t − t2))

]
+ ILoad

ωdtf23

(
Lmain

Lres
− δRmainCsn

)
·
[
e−δ(t−t2) sin(ωd(t − t2)) − e−δ(t−t3) sin(ωd(t − t3))

]
.

(3.56)

This equation becomes zero at the end of the interval and the turn-off point in time of
Qaux which is calculated by

∆t4 =
arctan

(
−A1t4

A2t4

)
ωd

(3.57)

or considering the periodic behavior of tangents with

t4 =
arctan

(
−A1t4

A2t4

)
ωd

+ π

ωd
(3.58)

respectively. The two constant values are

A1t4 =ωdRmainCsn
(
eδt3 cos(ωdt3) − eδt2 cos(ωdt2)

)
+
(

Lmain

Lres
− δRmainCsn

) (
eδt3 sin(ωdt3) − eδt2 sin(ωdt2)

)
and

(3.59)

A2t4 =ωdRmainCsn
(
eδt3 sin(ωdt3) − eδt2 sin(ωdt2)

)
A0

tf23

ILoad
+
(

Lmain

Lres
− δRmainCsn

) (
eδt2 cos(ωdt2) − eδt3 cos(ωdt3)

)
.

(3.60)

However, in case (3.53) is negative at t2, (3.60) and (3.58) yield in the first zero crossing
of the snubber current. In this case, the current is not interrupted by the auxiliary switch
channel but continuous flowing through its body diode leading to an interval enlarged by
another half of an oscillation as shown in Section 4.5.
Further, (3.58) with (3.60) show that t4 is a function of the load current as well as the
choosen value of t2 in the controller. The arcus tangens function may cause a pole in the
range in which the load current can vary, whose variance is influenced by choosing t2, cf.
Fig. 3.5.

Figure 3.5 shows that there is a point in time t2 at which the end of the interval
becomes approximately independent over a wide range of the load current, see t2 = 157 ns
for an exemplary chosen setup as described in Sect. 4.1. A dependence on the load
current is very undesirable because a varying t4 requires continuous adjustments of the
gate signal timing of Qaux to achieve zero current turn-off. By knowledge of the optimal
t2 = t2opt, a fixed timing can be used. This strongly reduces the controlling effort for a
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Figure 3.5: t4 as a function of ILoad and t2

zero current switching of Qaux. However, in Section 4.8 it will be shown that at a load
current approximately equal to Irrm, cf. Fig. 4.20, the snubber current isn(t3) is almost
zero and thus, the snubber current in the complete interval t3 ≤ t < t4 is also small.
Hence, the turn-off losses of Qaux are still very small, even if t2 is not adjusted according
to t2opt.
This optimal t2, where t4 becomes current independent occurs in case A2t4 becomes zero.
This can be achieved by setting t2 to

t2opt = arctan
(

−eδtf23 {Kt2opt cos(ωdtf23) + sin(ωdtf23)} + Kt2opt

eδtf23 {cos(ωdtf23) − Kt2opt sin(ωdtf23)} − 1

)
/ωd

≈ π

2ωd
− tf23,

(3.61)

with
Kt2opt = ωdRmain

Lmainω2
0 − δRmain

. (3.62)

To calculate the snubber voltage change over all three intervals, the equation

∆vsn(t) =A0Lres

[
1 − e−δt4

(
δ

ωd
sin(ωdt4) + cos(ωdt4)

)]
+ RmainILoad

+ ILoad

ω2
0tf23

[(
ωdRmain + δ

ωd
Lmainω2

0 − δ2

ωd
Rmain

)
·
{
e−δ(t4−t3) sin(ωd(t4 − t3)) − e−δ(t4−t2) sin(ωd(t4 − t2))

}
+ (Lmainω2

0 − 2δRmain)
·
{
e−δ(t4−t3) cos(ωd(t4 − t3)) −e−δ(t4−t2) cos(ωd(t4 − t2))

}]
(3.63)

can be used. This equation simplifies in case t2 is chosen according to (3.61) and for
current fall times much smaller than half of the oscillation period to

∆vsn(t) ≈A0Lres
(
1 + e−δt4

)
+ RmainILoad + ILoad

ω2
0tf23

(Lmainω2
0 − 2δRmain)

·
(
e−δ(t4−t3) cos(ωd(t4 − t3)) − e−δ(t4−t2) cos(ωd(t4 − t2))

)
.

(3.64)
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And with equal conditions, (3.59) and (3.60) can be approximated to

A1t4 ≈ − ωdRmainCsneδt2 cos(ωdt2) +
(

Lmain

Lres
− δRmainCsn

) (
eδt3 − eδt2 sin(ωdt2)

)
, (3.65)

A2t4 ≈ωdRmainCsn
(
eδt3 − eδt2 sin(ωdt2)

)
+ A0

tf23

ILoad
+
(

Lmain

Lres
− δRmainCsn

)
eδt2 cos(ωdt2).

(3.66)

(3.58) and (3.63) allow the calculation of the snubber voltage at the end of the switching
event by knowledge of the system without the need of successive calculation of all intervals.
The end value of the snubber voltage can now be calculated with

vsn(t4) = VsnMaxOff = Vsn0 + ∆vsn (3.67)
This eases the estimation of the snubber voltage evolvement in terms of stability together
with the turn-on model previously derived as it is done in Chapter 4.
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4 Model Validation and Application
As first proposed by [118] for VDC = 600 V, in this chapter the model previously derived
shall be validated by measurements. First, three similar setups are described, a conven-
tional halfbridge, a halfbridge with DC-snubber as well as a setup with the active snubber.
Latter is used for model validation in this Chapter. The halfbridge and DC-snubber mod-
ule are just introduced but not used until Chapter 5 for system benchmark. The turn-on
and turn-off model are compared at higher load currents to the model with a value above
the reverse recovery peak as well as with lower load current values.

Further, the presented model is used to predict the behavior of a real application with
continuous subsequent switching events. The two single models for turn-on and turn-off,
will be alternately calculated to predict a sequence of switching events. In contrast to a
real setup, the DC-link voltage is assumed to be time invariant at a value of VDC = 750 V.
Further, the load current is modeled as a continuous output current. Hence, a ripple
voltage and ripple current are not considered. Hence, a varying duty-cycle at constant
load current can be neglected as well.
In addition to analyzing the stability of the operation, further goals of these sections are
the analysis of damping losses and the comparison with expectable DC-snubber damping
losses in a similar operation.

4.1 Module Assembly and Measurement Description
In this section the assembly, components and parameters of the mentioned three very
similar power modules are introduced.
As described in detail in Section 2.5, real capacitors are complex components which have
to be selected carefully to be the best choice for a given application. In Section 2.4
equivalent circuits for DC-snubber were presented and an exemplary estimation for the
damping losses are given, cf. Fig. 2.13. It has been stated that for a minimal stray
inductance relevant for turn-off commutation the capacitor must be connected as close
as possible to the switching semiconductor. In Section 2.2.1, it is further described that
with flat conductors placed in parallel with the wide side in close proximity to each other
a minimum inductance can be achieved. Furthermore, the proximity effect on copper
substrates lead to an opposite directed current in fully plated copper backside, which
equals the previously mentioned bus-bar conductor structure. Hence, the best capacitor
placement is directly at the copper substrate in close proximity to the semiconductor.
To ease the comparison, all setups are designed to be equal except the availability of a
snubber path on ceramic substrate level to equip the DC and the active snubber. All
setups are operated with the same DC-link capacitor and module connection and hence,
with equal Lmain.

4.1.1 Capacitor Selection
Due to the power module manufacturing processes e.g. with soldering at high tempera-
ture, polarized electrolytic and metallized polypropylene film capacitors cannot be used.
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As a result, ceramic capacitors are the only suitable choice for this application. However,
the development of a low inductive connection element to connect a capacitor after the
critical assembly processes have taken place may offer other opportunities for capacitor
device choice.
According to (2.30), a snubber voltage change below 150 V at a peak load current of 350 A
yields in a minimum capacitance of at least

Csn = 37 nH
(

350 A
150 V

)2

= 201 nF. (4.1)

As mentioned in Section 2.5.2 class I dielectrics are linear and temperature independent.
Class II materials have higher relative permeability but suffer from highly voltage and
temperature dependent parameter change. To find a good fit for this application, a class
I capacitance with four parallel C0G ceramic capacitors each Cnom = 39 nF forming a
’capacitor assembly’ is compared with a class II antiferroelectric capacitor with Cnom =
250 nF and Vnom = 900 V.
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In Figure 4.1 the capacitance value of the class I capacitor assembly as the device under
test (DUT) is shown. It can be seen that its capacitance is slightly higher compared to
the sum of the four paralleled capacitors of 156 nF. Additionally, the series resistor, cf.
Fig. 4.2, is very small within the interesting frequency range.

Contrary to the class I capacitor, the class II capacitor shows a capacitance below the
specified value of 250 nF, cf. Fig. 4.3. Additionally, its capacitance indicates a strong
dependence on temperature and DC-link voltage. Assuming an application with variable
DC-link voltage, e.g. in a battery driven electric car in the range of 400 V to 900 V, its
capacitance can vary from 70 nF to 130 nF. Together with the system stray inductance
of 37 nH a resonant frequency range of 2.3 MHz to 3.1 MHz occurs.
By analyzing the ESR, cf. Fig. 4.4, its resistance is much higher compared to the class
I capacitor. Additionally, its characteristic shows distinct piezo-electric resonances espe-
cially in the expected frequency range. According to Sect. 2.5, these results are plausible
due to the anti-ferroelectric characteristic of the used capacitor leading to piezo reso-
nances. Further, the lower capacitance might be explained by the measurement principle
where a very small AC measurement voltage of 250 mV was used. Therefore, a higher
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AC-amplitude as it occurs in the target snubber application may lead to a higher number
of flipped polarized areas, cf. Fig. 2.15, but also higher hysteresis losses, cf. Fig. 2.16,
leading to a higher ESR than measured.
Hence, the class I capacitor is a more reasonable choice in terms of expected capacitor
losses, temperature increase and frequency stability.

4.1.2 Conventional Halfbridge
In Figure 4.5, the substrate layout for the conventional halfbridge is shown as also de-
scribed in [117]. The power terminals, AC and DC+/-, are placed in the middle to ensure
a vertical symmetry axis. The distance between the DC+ and DC- terminal is chosen
to get a deliberately large stray inductance Lmain, which is assumed to be beneficial for
the active snubber setup and further discussed in Sect. 5.3.3. This results in an effective
stray inductance concerning DC-link capacitor and connection similar to LσOn of 37 nH.
The high side switch Q1 and low side switch Q2 consist of four parallel silicon carbide
MOSFETs with an output capacitance in the investigated voltage range of approximately
Coss ≈ 1 nF and an on-state resistance of Ron = 4 mΩ, see also Figs. 4.9 and 5.36. The
parallel die connection is designed according to [11] to improve current symmetry during
switching events. An important part of this concept is a symmetric design in combination
with a common stray inductance in the gate and load current path by using the bond
wires exemplary illustrated as a green box, cf. Fig. 4.5. Indeed, this results in enhanced
current symmetry, but also limits the achievable switching speed due to the negative feed-
back loop.
To measure the DC-link current, a coaxial shunt is used with a bandwidth of 400 MHz and
is connected to the DC- terminal. The corresponding gate and drain-source voltages are
measured directly on substrate beneath and as close to the MOSFET as possible to reduce
ringing and interference due to coupling and common parasitics. A detailed description
of the measurement setup can be found in Appendix B.

4.1.3 Halfbridge with DC-Snubber
To get a comparable setup equipped with a DC-snubber, the layout is planned with
appropriate soldering points. To maintain symmetry, the DC-snubber has been split into
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two paralleled capacitor groups leading to a total snubber capacitance with the chosen
device of 330 nF.
Because the snubber capacitor will provide a major part of the commutation current, see
also [117], the used coaxial shunt in the DC-minus terminal to measure ilink, cf. e.g. Fig.
3.4, will not measure the correct value of the drain-source current. Due to the complex
parallel connection of the four dies, a direct measurement of iD2 is not feasible. Hence,
to obtain the drain-source current, the snubber current isn2 within one snubber path is
measured with a 30 MHz Rogowski coil in the bond wires, see also Fig. B.2.2. Due to the
vertical symmetry, the drain-source current can be calculated with ilink and the current
within one snubber path to

iD2 = ilink − 2 · isn2. (4.2)
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Figure 4.5: Conventional halfbridge
Sn

ub
be

r
pa

th
s

Csn

Figure 4.6: Halfbridge with DC-snubber

The inductance of the two coupled snubber paths over the power switches result in
the effective stray inductance Lsnhb, which is equal to the commutation relevant stray
inductance LσOff according to (3.4). This value has been simulated with Ansys Q3D
extractor to be 3 nH.
The characteristic parameters relevant for model validation are obtained by analyzing the
exponentially damped oscillation after a switching event. The well-known mathematical
description

isn(t) = I0 · eδt · cos(ωdt) (4.3)

has been fitted to the measured signal. From the fit, the characteristic parameters

δ = Rd

2Lres
= 662 · 103 1/s and (4.4)

ωd =
√

ω2
0 − δ2 = 9.03 · 106 1/s, (4.5)



52 4 Model Validation and Application

were obtained and allow to calculate the values of the necessary parameters as

ω0 = 1√
LresCsn

= 9.05 · 106 1/s, (4.6)

f0 = 1
2π

√
LresCsn

= 1.44 MHz, (4.7)

Lres = Lmain + Lsn = 37 nH, (4.8)
Rd = Rmain + Rsn = 49 mΩ, (4.9)

Lmain ≈ Lres − Lsn = 34 nH and (4.10)
Rmain = Rd − Rsn = 45 mΩ. (4.11)

This method allows the determination of the effective parameters especially the relevant
damping resistance distributed over the total oscillation path including DC-link capacitor
and its connection to the power module.

4.1.4 Halfbridge with Active Snubber

Qaux

Figure 4.7: Halfbridge with active snub-
ber

The halfbridge with active snubber is very sim-
ilar to the halfbridge with DC-snubber includ-
ing the same type and size of used capacitor,
similarly presented in [117]. In series to each
of the two snubber paths a SiC MOSFET is
placed as auxiliary switch Qaux of equal type
as the used power switches. These dies are con-
nected without a common stray inductance in
the gate and load current path to achieve max-
imum switching speed. However, as it will be
shown on pages 66ff., the losses of Qaux are
very small and thus, the size of these two dies
can be reduced.
The gate and source pin for controlling Qaux
are placed in that manner that the mag-
netic field during commutation and oscillation
caused by the DC-link current between the
DC+ and DC- pin does not induce voltage in
the gate circuit.
Because the geometry differs from the DC-
snubber substrate only by the die-thickness, the stray inductance of 3 nH remains valid.
It has to be mentioned that the resistance of the snubber path Rsn, cf. Fig. 3.4, now
includes the resistance of the snubber capacitors of up to ESR = 4 mΩ as well as the
on-state resistance of the auxiliary switch of approximately RonAux = 10 mΩ leading to a
higher damping resistance of

Rd = 59 mΩ. (4.12)
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4.2 Turn-On Model Validation for High Operation
Currents

The turn-on model derived in Section 2.3.1 is used to calculate the current waveform, see
[118]. The calculated values are compared to measurements performed with the setup
described in Section 4.1.4 at a DC-link voltage of VDC = 750 V and a constant load
current of ILoad = 350 A. According to (3.18) and (3.2) to (3.3) as well as the measured
parameters in Sections 4.1.3ff., the main stray inductance relevant for turn-on is LσOn =
Lmain = 34 nH. Further, the resistance relevant for damping Rd equals to 59 mΩ.
The measurement is depicted in Fig. 4.8 with the points in time according to Fig. 3.2.
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Figure 4.8: Turn-on event for a load current of 350 A at a DC-link voltage of 750 V
with measured values (solid) and calculated values (dashed)

Interval t1 ≤ t < t2
At t = t1 the drain-source voltage of Q2 starts decreasing, cf. Fig. 4.8. As it can be
seen, the linear approximation of the voltage slope, cf. vDS2Mod, shows adequate accuracy
to model the measured signal. The duration of the modeled voltage slope is adjusted
manually to a value of tf12 = t2 − t1 = 31 ns to fit to the measurements. During this
interval, the voltage drop over the main stray inductance vLmain and the corresponding
resistance vRmain increases, cf. Fig. 3.4. Thus, the drain-source voltage of the blocking
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auxiliary switch vDSaux increase, too. According to (3.20), the parameter δ14 for the first
order differential equation can be calculated to

δ14 = 45 mΩ
2 · 34 nH = 661 · 103 1/s. (4.13)

This parameter allows to calculate the DC-link current at t = t2 with (3.19)

ilink(t2) = 750 V
31 ns · 45 mΩ

(
1

2 · 661 · 103 1/s(e−2·661 · 103 1/s·31 ns − 1) + 31 ns
)

= 337 A.

(4.14)
Interval t2 ≤ t < t3

Because this value according (4.14) is below the load current of 350 A, (3.22) can be used
for calculation of t3 when ilink becomes the load current ILoad

t3 =
− ln

(
( 350 A·45 mΩ

750 V −1)2·661 · 103 1/s·31 ns
1−e+2·661 · 103 1/s·31 ns

)
(2 · 661 · 103 1/s) = 31.6 ns. (4.15)

Interval t3 ≤ t < t4
In the subsequent interval until t = t4, the main stray inductance Lmain resonates with
the output capacitance of the passive switch Q1. As mentioned on page 39, the various
dependencies of the diode behavior are modeled with a linear capacitance larger than the
measured output capacitance of the switch adjusted to be Coss∗ = 3.5 nF to include the
measured reverse recovery charge. This characteristic parameters of the resonant circuit
can be calculated to

ω034 = 1√
34 nH · 3.5 nF

= 91.67 · 106 1/s and (4.16)

ωd34 =
√

(91.67 · 106 1/s)2 − 661 · 103 1/s2 = 91.67 · 106 1/s, (4.17)

which indicate a high quality oscillation with negligible damping due to ω034 ≈ ωd34.
Comparing the current waveforms in Figure 4.8 with the idealized waveform in Figure
3.2 an increasing snubber current isn can be noticed at approximately t3. As it is shown
in Figure 3.2, the increasing drain-source voltage of the passive switch vDS1 lead to a
decreasing voltage at the auxiliary switch vDSaux. While the output capacitance of the
auxiliary switch at high drain-source voltages can be neglected for the sake of a manage-
able model, it becomes larger at lower voltages, cf. Fig. 4.9. The voltage dependency of
the output capacitance causes a significant increase of the capacitance at lower voltages.
Due to this increase, the output capacitance of Qaux influences the circuit very similar to
a small DC-snubber, which is discharged by the commutation current of Q1. Thus, vDS1
rises to this voltage lower than VDC and follows the charging process afterwards. This
effect can be noticed in vDS1 for t > 60 ns in Figure 4.8.
Further, the output capacitance of the auxiliary switch causes a displacement current
which is not modeled, cf. isnMod. This displacement current makes the statement that
A34 is equal to the reverse recovery peak Irrm, p. 41, invalid as it can be noticed in Figure
4.8 by comparing ilink and iD2 at t4. Due to the fact that the output capacitance of Qaux
is not included in the model and its prediction of ilink fits very well to the measurement,
it can be concluded that the displacement current of the output capacitance of Qaux mea-
sured in the snubber current, actively reduces the reverse recovery current peak under



4.2 Turn-On Model Validation for High Operation Currents 55

100 101 102 10310−1

100

101

VDS [V]

C
os

s
[n

F]

Figure 4.9: Coss of the used SiC-MOSFET dies as a function of vDS

consideration of (4.2). To not violate the rule of charge conservation, this means that the
slope of vDS1 is reduced. However, the snubber current has been measured using a state-
of-the-art Rogowski coil with a bandwidth of 30 MHz. Assuming a first order low-pass
characteristic of the Rogowski coil, the resolvable rise-time can be calculated according
to [125] p. 30, to be

triseMax = 0.35
fBW

= 0.35
30 MHz = 11.7 ns. (4.18)

This is close to the time in which the displacement current in the measured isn rises.
Hence, the measured snubber current slope isn right before t4 might be affected by the
Rogowski coil and considering (4.2), iD2 with the reverse recovery current, too.
With a snubber capacitor, precharged due to previous switching events in the double pulse
measurement, the initial snubber voltage Vsn0 equals 820 V. This enables the calculation
of the point in time t4 at which the auxiliary switch sees a negative drain-source voltage
and its body diode becomes conductive. With (3.30) and (3.31), t4 can be calculated to

K = (750 V − 820 V − 45 mΩ · 350 A) 2 · 661 · 103 1/s · 31 ns
750 V(e−2·661 · 103 1/s·0.6 ns − e−2·661 · 103 1/s·31.6 ns)

= −0.117, (4.19)

t4 = arccos(K)
91.67 · 106 1/s + 31.6 ns = 50 ns. (4.20)

Now the DC-link current at t4 can be calculated. This value can be obtained according
(3.27) and (3.28) yielding

A34 = 750 V
31 ns · 45 mΩ · 91.67 · 106 1/s

(
e−2·661 · 103 1/s·0.6 ns − e−2·661 · 103 1/s·24.6 ns

)
= 235.6 A and

(4.21)

ilink(t4) = A34e
−661 · 103 1/s·18.4 ns sin(91.67 · 106 1/s · 18.4 ns) + 350 A

= 581 A.
(4.22)

For further calculations, the load current must be subtracted from the DC-link current
to obtain the AC-part of

ilinkAC(t4) = 231 A (4.23)
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Interval t4 ≤ t < t5
For t = t4, when the body diode of Qaux becomes conductive, two additional oscillation
circuits are formed. One is opened between the output capacitance of the passive switch
Coss1 ≈ 1 nF and the snubber path with an inductance of Lsnhb = 3 nH leading to a high
frequency oscillation of

fhf = 1
2π

√
LsnhbCoss1

= 92 MHz. (4.24)

This can be noticed in vDS1. However, due to the small involved parasitics and the small
oscillation amplitude, cf. Fig. 4.8 vDS1, the oscillating energy is also small. Hence, this
circuit can be neglected in the model targeting the calculation of damping losses.
A second oscillation circuit is offered through the main stray inductance and the snubber
path including the snubber capacitance. Due to the now applicable parasitics according
to (4.8) and (4.12) and the measured snubber capacitance of Csn = 2 · 165 nF = 330 nF
the characteristic parameters of the resonant circuit according (3.34) to (3.36) can now
be calculated as

ω045 = 1√
37 nH · 330 nF

= 9.05 · 106 1/s, (4.25)

δ45 = 59 mΩ
2 · 37 nH = 797 · 103 1/s and (4.26)

ωd45 =
√

ω2
045 − δ2

45 = 9.01 · 106 1/s. (4.27)

This allows to calculate the point in time when the snubber current crosses zero or the
DC-link current reaches the load current respectively. According to (3.39) and (3.41), t5
results in

A1t5 =231 A · 9.01 · 106 1/s · 37 nH = 77 V, (4.28)
A2t5 =750 V − 820 V + 14 mΩ · 350 A

− 37 nH · 797 · 103 1/s(231 A + 2 · 350 A) = −92.6 V,
(4.29)

t5 =
arctan

(
− 77 V

−92.6 V

)
9.01 · 106 1/s + 50 ns = 77 ns + 50 ns = 127 ns, (4.30)

which fits very well to the measured curves.
The DC-link current can be calculated with (3.38), (3.37) and the snubber current with
(3.42) respectively.
Comparing the modeled DC-link current ilinkMod with the measured ilink, both currents
show a good match in this interval. By comparing the calculated snubber current, the cal-
culated current isnMod also fits to the measured isn except the neglected higher frequency
part according (4.24). This high frequency part does not fit to a clean sinusoidal signal
which might be caused by the used Rogowski coil with a bandwidth of approximately one
third of the expected frequency of 92 MHz. Additionally, further couplings not included
in the model may become relevant at higher frequencies and promote complex coupled
oscillators.
As already mentioned, a resistance can be a function of frequency due to proximity and
skin effect. The resistor Rmain, cf. Fig. 3.4, is measured by analyzing its contribution to
the oscillation damping, see Section 4.1.3. According to (4.2), the constant load current
as well as the oscillation part isn is flowing through this resistor. Due to the frequency
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dependence, the value of Rmain seen by the constant load current, is very small contrary
to its value seen by the alternating part. As a result, only the alternating part results in
notable losses due to damping. The total damping power losses are obtained by multi-
plying the squared calculated snubber current in the interval t4 ≤ t < t5 by the damping
resistance leading to an energy of

WdampOn = Rd ·
∫ t5

t4
i2
snModdt = 89 µJ. (4.31)

The snubber capacitor is charged by the energy stored in the stray inductance present at
t = t4 as well as the energy provided by the DC-link capacitor except the energy damped
in the high frequency oscillation. This leads to an increased snubber voltage as it can be
calculated according to (3.43) to (3.45) as shown below

A45Vsn1 = 231 A + 2 · 350 A
9.01 · 106 1/s · 330 nF − 2 · 9.01 · 106 1/s · 37 nH · 350 A

− 797 · 103 1/s
9.01 · 106 1/s(750 V − 820 V + 14 mΩ · 350 A) = 85.7 V,

(4.32)

A45Vsn2 =750 V − 820 V − 45 mΩ · 350 A = −85.8 V and (4.33)
∆vsn =A45Vsn1 · e−797 · 103 1/s·77 ns · sin(9.01 · 106 1/s(t − t4))

+ A45Vsn2 ·
(
1 − e−797 · 103 1/s·77 ns cos(9.01 · 106 1/s · 77 ns)

)
= 28 V.

(4.34)

This results in a maximum snubber voltage of VsnMaxOn = Vsn0 + ∆vsn = 848 V.
Alternatively, VsnMaxOn can be roughly estimated as follows. Approximating the snubber
current as linear decreasing, the energy provided by the DC-link can be estimated to

Wlink = 0.5 · ilinkAC(t4) · VDC · (t5 − t4) = 0.5 · 231 A · 750 V · 77 ns = 6.67 mJ. (4.35)
With the initial energy in the snubber capacitor and the energy in the stray inductance,
the equation

1
2CsnV 2

snMaxOn = 1
2CsnV 2

sn0 + 1
2LmainilinkAC(t4)2 + Wlink, (4.36)

= 1
2330 nF · (820 V)2 + 1

234 nH(231 A)2 + 6.67 mJ = 118.5 mJ, (4.37)

can be written. This energy stored in the snubber capacitor after the switching event,
results in a snubber voltage of

VsnMaxOn =
√

2 · 118.5 mJ
330 nF = 847.5 V, (4.38)

which is very similar to the value of VsnMaxOn = 848 V calculated with the model.

Interval t ≥ t5
At t = t5, vDSaux becomes zero and the body diode of Qaux starts blocking. As a result, the
snubber path is disconnected and the effective stray inductance becomes Lmain as defined
in (4.10), see also Fig. 3.4). Because Coss of the high-side switch is charged to a voltage
vDS1 > VDC, it starts oscillating with LσOn. From Fig. 4.9 the output capacitance of a
single chip can be obtained as 480 pF and with four chips in parallel for Q1, the oscillation
period can be calculated to

Tosc = 2π
√

Coss1Lmain = 51 ns. (4.39)
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4.3 Turn-On Model Validation for Low Operation
Currents

In this section, the application of turn-on model previously validated at high current val-
ues is described and discussed at a lower load current. A low load current is defined with
|Irrm| > |ILoad|. Except the load current of 50 A and the initial snubber voltage of 760 V,
all parameters introduced in Sect. 4.2 are kept unchanged. It will be shown that due to
the low load current, some assumptions made for the turn-on model become invalid at the
chosen operation conditions, in particular the switching speed. Finally, the consequences
for the target application are discussed.
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Figure 4.10: Turn-on event for a load current of 50 A at a DC-link voltage of 750 V
with measured values (solid) and calculated values (dashed)

In Figure 4.10 the waveforms measured with the calculated values are depicted. Com-
paring Fig. 4.10 with Fig. 4.8 shows immediately that the calculated signals from high-
side show a better fit to the measured as for the low-side signals at ILoad = 50 A than for
350 A. The resulting difference is topic of this section.

Interval t1 ≤ t < t4
Similar to Fig. 4.8 the voltage slope with a fall time of tf12 = t2 − t1 = 31 ns remains
unchanged and suits the measured signal. At t = t1 the decreasing voltage vDS2 stimulates
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the current flow in Lmain and (3.19) can be applied to calculate the DC-link current.
However, due to the low load current, the point in time t3, where the DC-link current
equals the load current, is reached much faster compared to higher load current values.
According to the conditions for the time markers, t3 (ilink = ILoad) is now reached before
t2 (vDS2 = 0 V) which is illustrated with the time markers in Fig. 4.10. This effect has
already been predicted on page 40f. and the new point in time t3 can be calculated
according (3.23) and (3.24) to

K∗ = 50 A · 45 mΩ2

750 V · 34 nH 31 ns + 1 = 1.000123 and (4.40)

t3 =
W
(
−e−K∗

)
+ K∗

2 · 661 · 103 1/s = 11.9 ns, (4.41)

for all K∗ > 1, where W is the Lambert-W-function. This causes an overlap resulting
in an inaccuracy of the turn-on model for all t > t3 except the end of the voltage slope
at t = t2. However, it can be discussed, whether the linear approximation of the voltage
slope is still sufficient for even slower switching events. So for t2 ≫ t3, further overlap
of the voltage slope with later intervals occurs. As a result, various possible changes in
mathematical conditions may influence the voltage slope as well. To consider all possible
variations of interval overlap at different load currents and switching speeds several sub-
models would be necessary which is not reasonable to spend the effort to better estimate
damping losses.
To counteract the overlapping effect, the switching speed might be increased, e.g. by
further reduction of the gate-resistor. Anyhow, further reduction to fulfill the conditions
might be not possible and for very small load currents, e.g. close to the zero crossing at
sinusoidal load current operation, this effect cannot be avoided.
However, to avoid the derivation of separate sub-models for each branch of combination of
overlapped intervals, and keep the turn-on model manageable, the overall goal to estimate
the damping losses and the stability of the snubber voltage can be taken into account.
Considering that at low load current values, the energy stored in LσOn is also small, the
damping losses as well as the snubber voltage increase are small as well. Further, in
Section 4.8 it will be shown that for operation at low load current values the operation
mode as a DC-snubber by permanent activation of the auxiliary switch is more reasonable
from a loss perspective. Hence, for DC-snubber operation mode, the turn-on model is not
necessary and the equations for the DC-snubber can be applied, see Section 2.4.1.
Finally, the deviation of the model reduces for load currents close to the reverse recovery
peak |Irrm| ⪆ |Iload|. Therefore, the application of the derived turn-on model would lead
to slightly higher predicted values then measured as shown in Figure 4.10 and thus, to an
overestimation of losses and snubber voltage change. Hence, the calculated losses and the
snubber voltage change in the limited load current range between DC-snubber operation
mode and |Irrm| = |Iload| contribute only modestly to the overall losses and snubber voltage
behavior. Therefore, treating the calculated values as a worst case estimation might be
sufficient for the sake of a simple manageable turn-on model.

After the DC-current reaches the load current value at t = t3, vDS2 is still decreasing.
Hence, the voltage across Lmain is smaller than VDC compared to the behavior at high
load currents. This reduces the current slope compared to the calculated values for which
it was assumed that the voltage across the inductance is equal to the DC-link voltage,
confer ilinkMod and ilink for t > t3 in Fig. 4.10.
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To calculate the point in time t4, when the body diode becomes conductive, (3.30) and
(3.31) are used. It has to be mentioned that (3.31) expects that t2 < t3. The correspond-
ing exponential term e−2δ14(t3−t2) considers damping influence this interval. Because this
interval does not exist, t3 − t2 is set to zero, cf. (4.43). With

K = (750 V − 760 V − 45 mΩ · 50 A) 2 · 661 · 103 1/s · 31 ns
750 V(e−2·661 · 103 1/s·0 ns − e−2·661 · 103 1/s·11.9 ns)

= (750 V − 820 V − 45 mΩ · 50 A) 2 · 661 · 103 1/s · 31 ns
750 V(1 − e−2·661 · 103 1/s·11.9 ns)

= −0.0165 and
(4.42)

t4 = arccos(K)
91.67 · 106 1/s + 11.9 ns = 29.2 ns, (4.43)

the DC-link current at t = t4 can be calculated according to (3.27) and (3.29) as

A34 = 750 V
11.9 ns · 45 mΩ · 91.67 · 106 1/s ·

(
1 − e−2·661 · 103 1/s·11.9 ns

)
= 238.8 A,

(4.44)

ilink(t4) = A34 · e−661 · 103 1/s·(29.2 ns−11.9 ns) sin(91.67 1/s · (29.2 ns − 11.9 ns)) + 50 A.

= 286 A
(4.45)

Comparing this calculated peak value with the measured, cf. Fig. 4.10, shows that the
model predicts a higher value. As explained before, the reason for this is that vDS2 is not
zero in the measurement but which is expected by the model. Hence, in the measurement,
the voltage vDS2 influences the current slope by leading to a lower vLmain and thus, a
measurable lower current slope, cf. ilink in Fig. 4.10 for t > t3.
For further calculations, the alternating part of the DC-link current must be calculated,
cf. (3.27) and (3.33), resulting in

ilinkAC(t4) = 286 A − 50 A = 236 A. (4.46)

Similar to the switching event at high current values, the measured snubber current dur-
ing the rise time of vDS1 of the passive switch, shows a displacement current not included
in the model, cf. isn in Fig. 4.10 at t = 25 ns.

Interval t4 ≤ t < t5
When the body diode of Qaux opens at t = t4, the low inductive snubber path suppresses
the voltage overshoot at the diode. The circuit properties are equal to the previous section
and hence, the time depending parameters given by (4.24) to (4.27) remain. To obtain
the end of the switching event t5, the Equations (3.39) to (3.41) lead to

A1t5 =236 A · 9.01 · 106 1/s · 37 nH = 78.7 V, (4.47)
A2t5 =750 V − 760 V + 14 mΩ · 50 A

− 37 nH · 797 · 103 1/s(236 A + 2 · 50 A) = −19.2 V
(4.48)

and finally to the well suiting

t5 =
arctan

(
− 78.7 V

−19.2 V

)
9.01 · 106 1/s + 29.2 ns = 147.8 ns + 29.2 ns = 177 ns. (4.49)
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Due to the higher initial current value ilinkAC(t4) compared to the measured value, see
(4.46) and Fig. 4.10 the modeled currents in this interval are higher. Thus, the estimated
damping losses by the model are higher as well and result in

WdampOn = Rd ·
∫ t5

t4
i2
snModdt = 199 µJ. (4.50)

Compared to the value according (4.31) this value is higher and can be explained by the
higher initial current value ilinkAC(t4) caused on the model inaccuracy, but also by the
longer duration caused by the lower initial snubber voltage of 760 V.
Further, the snubber voltage calculated leads to a higher result as measured. Similarly, to
the previous section, the snubber voltage change can be calculated with (3.43) to (3.45)
as

A45Vsn1 = 236 A + 2 · 50 A
9.01 · 106 1/s · 330 nF − 2 · 9.01 · 106 1/s · 37 nH · 50 A

− 797 · 103 1/s
9.01 · 106 1/s(750 V − 760 V + 14 mΩ · 50 A) = 80.4 V,

(4.51)

A45Vsn2 =750 V − 760 V − 45 mΩ · 50 A = −12.3 V and (4.52)

∆vsn =A45Vsn1 · e−797 · 103 1/s·147.8 ns · sin(9.01 · 106 1/s147.8 ns)
+ A45Vsn2 ·

(
1 − e−797 · 103 1/s·147.8 ns cos(9.01 · 106 1/s · 147.8 ns)

)
= 59.8 V.

(4.53)

Thus, the calculated total snubber voltage at t = t5 results in VsnMaxOn = 760 V+59.8 V =
819.8 V higher than the measured snubber voltage similar to vDS1. However, it has already
been mentioned that this deviance relies on the higher current but can be tolerated as a
worst case estimation. Thus, the desired damping losses according to (4.50) are overesti-
mated. This overestimation is further evaluated by usage of the measured DC-link peak
current, see Fig. 4.10, as ilink(t4) = 217 A. Referring to (4.50) and the squared current
dependence, an overestimation factor for the lost energy can be calculated as

(
ilinkAC(t4)

ilink(t4) − ILoad

)2

=
(

236 A
217 A − 50 A

)2

= 2. (4.54)

Hence, the calculated damping losses according (4.50) deviate by a factor of 2 and thus,
the real damping losses are very similar to high load current according (4.31). But it
should be kept in mind that this value is only valid for this single measurement and for
continuous inverter operation, it might deviate. This is discussed in Sect. 4.6 where it
is shown that the initial snubber voltage Vsn0 is a function of previous switching events.
Future work might target to model a corrective factor considering the lower voltage vLmain
leading to a deviance in ilink(t4).

Interval t ≥ t5
Similarly to Sect. 4.2, vDSaux becomes zero at t = t5 and the body diode of Qaux starts
blocking. Hence, a similar oscillation can be measured.
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4.4 Turn-Off Model Validation for High Operation
Currents

In the previous sections, the turn-on model was compared with measurements. In this
section, the model for turn-off derived in Section 2.3.2 shall be compared with measure-
ments. Similar to Section 4.2, the turn-off model is validated for a high operation current
ILoad = 350 A and a DC-link voltage of VDC = 765 V first with the setup described in
Section 4.1.4.
Because the auxiliary switch is in on-state during the complete turn-off event, two stray
inductances are relevant for description, the effective stray inductance for turn-off re-
sponsible for the voltage overshoot Lsnhb = 3 nH as well as the higher stray inductance
Lres = 37 nH, see Section 4.1.3f.
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Figure 4.11: Turn-off event for a load current of 350 A at a DC-link voltage of 765 V
with measured values (solid) and calculated values (dashed)

Similar to the turn-on event, t1 is set to zero. Additionally, the linear modeled current
slope of iD2 is adjusted with a fall time of tf23 = 18 ns. The corresponding switching curve
including the calculated values is shown in Figure 4.11. Further, the naming of the inter-
vals is aligned with the description in Section 3.3. Similar to the turn-on event in Section
4.2, it is assumed that the snubber has been charged to a voltage higher than VDC due to
previous switching events resulting in Vsn0 = 835 V. For the measurement performed as a
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double pulse, this was ensured by measuring the second turn-off appearing at the end of
the second pulse.

Interval t1 ≤ t < t2
The turn-off event starts at t1 by turning on the auxiliary switch Qaux rapidly. As it can
be seen in Fig. 4.11, the snubber current isn, determined by the resonant circuit Lres and
Csn, changes slowly and the approximation for an almost zero current turn-on of Qaux is
valid. The snubber current can be calculated with (3.48) and (3.49) where the recurrent
parameter A0 results in

A0 = 765 V − 835 V − 45 mΩ · 350 A
37 nH = −2.318 kA/µs. (4.55)

In the measurement, the end of this interval has been set to t2 = 154 ns, which is close to
the optimal point in time according to (3.61) and (3.62) resulting in

Kt2opt = 9.01 · 106 1/s · 45 mΩ
37 nH(9.05 · 106 1/s)2 − 797 · 103 1/s · 45 mΩ = 0.1354, (4.56)

Kt2optA = cos(9.01 · 106 1/s · 18 ns) = 0.9869, (4.57)
Kt2optB = sin(9.01 · 106 1/s · 18 ns) = 0.1615, (4.58)

t2opt =
arctan

(
−e797 · 103 1/s·18 ns{Kt2optKt2optA+Kt2optB}+Kt2opt

e797 · 103 1/s·18 ns{Kt2optA−Kt2optKt2optB}−1

)
9.01 · 106 1/s = 159 ns. (4.59)

Otherwise, the simplified approximation, see also (3.61), with considering the time offset
yields in

t2opt ≈ π

2 · 9.01 · 106 1/s − 18 ns = 156 ns. (4.60)

Hence, the snubber current at t2opt can now be calculated with (3.48) to

isn(159 ns) =−2.318 · 109 A/s
9.01 · 106 1/s · e−797 · 103 1/s·159 ns

· sin(9.01 · 106 1/s · 159 ns) = −224 A,

(4.61)

being very similar to the measurement with slightly different adjusted t2, see Fig. 4.11
isn(153 ns). Additionally, the snubber voltage change can be obtained according to (3.50)
to be

∆vsn(159 ns) =2.318 · 109 A/s · 37 nH
[
e−797 · 103 1/s·159 ns{

797 · 103 1/s
9.01 · 106 1/s sin(9.01 · 106 1/s · 159 ns)

+ cos(9.01 · 106 1/s · 159 ns)
}

− 1
]

= −69 V,

(4.62)

resulting in a snubber voltage of

vsn(159 ns) = 835 V−69 V = 766 V. (4.63)
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Interval t2 ≤ t < t3
As mentioned above, the turning off Q2 is modeled with a linear current slope with a
duration of 18 ns. This current is partially provided by the DC-link but mainly by the
snubber capacitor due to its much lower inductance Lsnhb. The snubber current part can
be calculated with (3.53) and with the end of the switching process for the adjusted time

t3 = t2 + tf23 = 159 ns + 18 ns = 177 ns. (4.64)

This results in a snubber as well as a DC-link current amplitude at t3 of

isn(177 ns) = −2.318 · 109 A/s
9.01 · 106 1/s · e−797 · 103 1/s·177 ns sin(9.01 · 106 1/s · 177 ns)

+ 45 mΩ · 330 · 10−9 nF · 350 A
18 ns

·
[
1 − e−797 · 103 1/s·18 ns cos(9.01 · 106 1/s · 18 ns)

]
+ 350 A

18 ns · 9.01 · 106 1/s

(
34 nH
37 nH − 797 · 103 1/s · 45 mΩ · 330 · 10−9 nF

)
· e−797 · 103 1/s·18 ns sin(9.01 · 106 1/s · 18 ns)

= 96 A,
(4.65)

fitting very well to the measured values, cf. isn with isnMod in Fig. 4.11.
However, in Section 4.6 it will be shown that this value does not represent a repetitive value
appearing in continuous operation. Further, it will be shown, how to obtain representative
results for inverter operation.
In the following section, the behavior will be discussed if the value of isn(t2opt) becomes
negative. This happens in case the energy stored in Csn within previous switching events
is higher compared to the energy in Lmain. Further considerations to this operation are
given in Section 4.7.
Due to the low inductive path through the snubber, it mainly provides the commutation
current. In Figure 4.11, the snubber current isn can have a negative and positive part,
resulting in a comparatively complex Equation (3.55) for the total snubber voltage change.
The three lines of this equation shown on Page 44 are calculated separately and summed
up afterwards for the sake of clearness. Line1 describes the carrying on part of the main
resonance initiated at t1 resulting in

Line1 = A0Lres

[
1 − e−δt3

(
δ

ωd
sin(ωdt3) + cos(ωdt3)

)]
= −2.318 · 109 A/s · 37 nH

[
1 − e−797 · 103 1/s177 ns(

797 · 103 1/s
9.01 · 106 1/s sin(9.01 · 106 1/s · 177 ns) + cos(9.01 · 106 1/s · 177 ns)

)]
= −81 V.

(4.66)
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Line2 and Line3 include the superimposed stimulus of the circuit caused by the switching
Q2 resulting in

Line2 = ILoad

tf23

[(
Lmain − 2δ

ω2
0
Rmain

)(
1 − e−δtf23 cos(ωdtf23)

)]

= 350 A
18 ns

[(
34 nH − 2 · 797 · 103 1/s

(9.05 · 106 1/s)2 45 mΩ
)

(
1 − e−797 · 103 1/s·18 ns cos(9.01 · 106 1/s · 18 ns)

)]
= 18 V

(4.67)

and

Line3 = −ILoad

tf23

[(
Rmain

ω2
0

(
ωd − δ2

ωd

)
+ δ

ωd
Lmain

)
e−δtf23 sin(ωdtf23)

]
+ RmainILoad

= −350 A
18 ns

[(
45 mΩ

(9.05 · 106 1/s)2

(
9.01 · 106 1/s − (797 · 103 1/s)2

9.01 · 106 1/s

)

+ 797 · 103 1/s
9.01 · 106 1/s34 nH

)
e−797 · 103 1/s·18 ns sin(9.01 · 106 1/s · 18 ns)

]
+ 45 mΩ · 350 A = −25 V + 16 V = −9 V.

(4.68)

Here, RmainILoad describes the voltage drop through the resistance of the DC-link and
connection.
Finally, this results in a total change in the snubber voltage from t1 to t3 of

∆vsn(t3) = −81 V + 18 V−9 V = −72 V. (4.69)

This value is slightly lower compared to (4.62) and indicates further discharge of the
snubber capacitor in this interval. A further discharge of Csn is plausible, because the
duration between t2 and t3 in which isn is below zero is longer compared to the duration
above zero, cf. Fig. 4.11. Now the snubber voltage at t3 can be calculated to

vsn(177 ns) = 835 V−72 V = 763 V, (4.70)

very similar to VDC = 760 V.

Interval t3 ≤ t < t4
In this interval, the remaining DC-link current with the corresponding energy in Lmain
commutates into the snubber capacitor. In Figure 4.11, a high frequency oscillation can
be recognized. Similar to the interval t4 ≤ t < t5 in the turn-on event, this oscillation is
enabled by the output capacitance Coss2 of Q2 and the very low inductance of the snubber
path Lsnhb = 3 nH and has already been estimated with (4.24).
Neglecting the high frequency part, the snubber current is very similar to the DC-link



66 4 Model Validation and Application

current in this interval. First, the end of the interval, where the snubber current becomes
zero, is calculated with (3.57) to (3.60) resulting in

A1t4 =9.01 · 106 1/s · 45 mΩ · 330 nF
·
(
e797 · 103 1/s·177 ns cos(9.01 · 106 1/s · 177 ns)

−e797 · 103 1/s·159 ns cos(9.01 · 106 1/s · 159 ns)
)

+
(

34 nH
37 nH − 797 · 103 1/s · 45 mΩ · 330 nF

)
·
(
e797 · 103 1/s·177 ns sin(9.01 · 106 1/s · 177 ns)

−e797 · 103 1/s·159 ns sin(9.01 · 106 1/s · 159 ns)
)

=370.58e − 6,

(4.71)

A2t4 =9.01 · 106 1/s · 45 mΩ · 330 nF(
e797 · 103 1/s·177 ns sin(9.01 · 106 1/s · 177 ns)

−e797 · 103 1/s·159 ns sin(9.01 · 106 1/s · 159 ns)
)

A0
18 ns
350 A +

(
34 nH
37 nH − 797 · 103 1/s · 45 mΩ · 330 nF

)
·
(
e797 · 103 1/s·159 ns cos(9.01 · 106 1/s · 159 ns)

−e797 · 103 1/s·177 ns cos(9.01 · 106 1/s · 177 ns)
)

=0.0583

(4.72)

and finally in

∆t4 =
arctan

(
−370.58e−6

0.0583

)
9.01 · 106 1/s = 705 ps. (4.73)

However, due to the π-periodic characteristic of tangents, this point in time must be
corrected by π/ωd. Thus, t4 can be calculated to

t4 = 705 ps + π

9.01 · 106 1/s = 349 ns. (4.74)

By choosing t2 = t2opt, timing the turn-off of Qaux at t4 leads to zero current switching
similar as for its turn-on. Further, due to the very short conduction only during the
oscillation, the total losses - as a part of the damping losses - are very small and the total
size of Qaux can be reduced compared to Section 4.1.4.
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The end of this interval at t4, allows to calculate the change in the snubber voltage
according to (3.63) as

∆vsn(t4) =−2.318 · 109 A/s · 37 nH
[
1 − e−797 · 103 1/s·349 ns

·
(

797 · 103 1/s
9.01 · 106 1/s sin(9.01 · 106 1/s · 349 ns) + cos(9.01 · 106 1/s · 349 ns)

)]
+ 45 mΩ · 350 A

+ 350 A
(9.05 · 106 1/s)2 · 18 ns

[(
9.01 · 106 1/s · 45 mΩ

+ 797 · 103 1/s
9.01 · 106 1/s · 34 nH · (9.05 · 106 1/s)2 − 797 · 103 1/s2

9.01 · 106 1/s · 45 mΩ
)

·
{
e−797 · 103 1/s·(349 ns−177 ns) sin(9.01 · 106 1/s · (349 ns − 177 ns))

−e−797 · 103 1/s·(349 ns−159 ns) sin(9.01 · 106 1/s · (349 ns − 159 ns))
}

+ (34 nH · (9.05 · 106 1/s)2 − 2 · 797 · 103 1/s · 45 mΩ)
·
{
e−797 · 103 1/s·(349 ns−177 ns) cos(9.01 · 106 1/s · (349 ns − 177 ns))

−e−797 · 103 1/s·(349 ns−159 ns) cos(9.01 · 106 1/s · (349 ns − 159 ns))
}]

= −42 V.
(4.75)

This value is subtracted from the initial snubber voltage to calculate the absolute value
at t = t4.

vsn(t4) = 835 V−42 V = 793 V, (4.76)
which fits very well to the measured value, cf. Fig. 4.11 at t4 = 349 ns.
However, because the point in time t2 = 153 ns chosen in the measurement is very similar
to (4.59), the simplified approach according (3.64) can be used yielding in

∆vsn(t4) ≈−2.318 · 109 A/s · 37 nH
(
1 + e−797 · 103 1/s·349 ns

)
+ 45 mΩ · 350 A

+ 350 A
(9.05 · 106 1/s)2 · 18 ns(34 nH · (9.05 · 106 1/s)2 − 2 · 797 · 103 1/s · 45 mΩ)

·
(
e−797 · 103 1/s(349 ns−177 ns) cos(9.01 · 106 1/s · (349 ns − 177 ns))

−e−797 · 103 1/s(349 ns−159 ns) cos(9.01 · 106 1/s · (349 ns − 159 ns))
)

= −45.5 V,
(4.77)

resulting in
VsnMaxOff = vsn(t4) = 835 V−45 V = 790 V. (4.78)

Further, the damping losses can now be calculated by integration of the squared snubber
current and multiplication with the damping resistance according (4.12) resulting in

WdampOff = Rd ·
∫ t4

t1
i2
snModdt = 291 µJ. (4.79)

Although, it should be noted that these losses also include the conduction losses of the
auxiliary switch as considered in (4.12). Therefore, for an exemplary chosen switching
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frequency of fsw = 10 kHz and considering zero-voltage-switching and the damping losses
during turn-on according (4.31), the losses dissipated in Qaux can be estimated as a
negligible value of

Paux = (WdampOff + WdampOn)RonAux

Rd
fsw

= (291 µJ + 89 µJ) · 10 mΩ
59 mΩ · 10 kHz

= 650 mW.

(4.80)

Interval t ≥ t4
At t = t4, vDSaux becomes zero and similarly to the turn-on events discussed previously,
the body diode of Qaux starts blocking. The snubber path is disconnected and an oscilla-
tion between Lmain and Coss of Q2 can be measured.

4.5 Turn-Off Model Validation for Low Operation
Currents
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Figure 4.12: Turn-off event for a load current of 50 A at a DC-link voltage of 765 V
with measured values (solid) and calculated values (dashed)

The turn-on model has been validated and compared with high as well as low operation
currents. While in the previous section the turn-off model was validated for high opera-
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tion current, in this section the operation at low operation current is matter of subject.
The corresponding measured and calculated waveforms are depicted in Figure 4.12. Sim-
ilar to the turn-on, see Sect. 4.3, a load current of 50 A was switched. For analysis, the
second turn-off event in the double pulse is used and hence, the snubber was charged up
to a voltage Vsn0 = 802 V higher than the DC-Link voltage of VDC = 765 V. Additionally
the current slope of the drain current of the switching transistor Q2 is measured to be
tf23 = 25 ns. Otherwise, all other parameters are equal to the turn-off event at high oper-
ation current according to Section 4.4.

Interval t1 ≤ t < t2
The turn-off sequence is initiated by turning on the auxiliary switch Qaux as shown in Fig.
4.12. The energy stored in the snubber capacitor Csn during previous switching events
is released on the DC-link circuit. With the constant load current, the drain current of
Q2 remains nearly constant except a small spike in iD2 at t1. With Qaux turned on, the
current in the DC-link ilink decreases according to (4.2). Because the previous turn-on
event in the double pulse, similar as described in Sect. 4.3, was also performed at a similar
low current, the absolute value of the reverse recovery current peak was higher than the
load current. As a result, the energy in the stray inductance at the reverse recovery peak
0.5 · Lmain · I2

rrm is higher than the energy at load current 0.5 · Lmain · I2
Load. Hence, at

turn-off, this higher energy reduces the DC-link current below zero, cf. ilink in Fig. 4.12
for 50 ns ≤ t < 160 ns.
The turn-off current slope in the measurement is timed at t2 = 188 ns and manually
adjusted in the curve calculated with the model. However, it should be noted that the
calculated drain current iD2 is not constant. It increases during the rise interval of vDS2, cf.
Fig. 4.12 which is not plausible. Considering (4.2), a fraction of the constant load current
should flow through the output capacitance of Q1 leading to a lower iD2, see also Sect.
2.3.2. One explanation might be the two different current probes (Shunt and Rogowski-
coil) used for DC-link current and snubber current measurement. Both might not show
an identical behavior which might lead to the fluctuating iD2 in this interval. Another
explanation might be an incomplete model in which a significant effect is not considered.
This is further examined on page 92ff. in which the focus is kept on the switching event
itself.
The waveforms of the snubber current can be calculated with (3.48) and (3.49). The
coefficient A0 results in

A0 = 765 V − 802 V − 45 mΩ · 50 A
37 nH = −1.061 · 109 A/s, (4.81)

which leads to a snubber current at t2 = 188 ns of

isn(t) = A0

9.01 · 106 1/s · e−797 · 103 1/s·188 ns · sin(9.01 · 106 1/s · 188 ns) = −101 A. (4.82)
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The optimal point for timing the current slope by turning off Q2 can be calculated similarly
to (4.56ff.) with t2opt = 159 ns. By considering the enlarged drain current slope, the new
optimal timing results in

Kt2opt = 9.01 · 106 1/s · 45 mΩ
37 nH(9.05 · 106 1/s)2 − 797 · 103 1/s · 45 mΩ = 0.1354 (4.83)

Kt2optA = cos(9.01 · 106 1/s · 25 ns) = 0.9747 (4.84)
Kt2optB = sin(9.01 · 106 1/s · 25 ns) = 0.2234 (4.85)

t2opt =
arctan

(
−e797 · 103 1/s·25 ns{Kt2optKt2optA+Kt2optB}+Kt2opt

e797 · 103 1/s·25 ns{Kt2optA−Kt2optKt2optB}−1

)
9.01 · 106 1/s = 154 ns, (4.86)

or the simplified approximation with considering the time offset

t2opt ≈ π

2 · 9.01 · 106 1/s − 25 ns = 149 ns. (4.87)

However, it is suggested that the optimal timing shall be chosen according (4.56)ff. be-
cause a deviation at higher load current would cause higher switching losses of the auxiliary
switch at t = t4 compared to lower load current.
Further, the calculated value t2opt = 154 ns is below the chosen value in the measurement
of t2 = 188 ns. Hence, the removed amount of charge will be higher than in optimal timing
and thus, the snubber voltage at t = t3 will be below the DC-link voltage. To calculate
the change in the snubber voltage, the chosen timing in the measurement t2 = 188 ns is
used. The change of the snubber voltage due to the discharge can be obtained according
to (3.50) as

∆vsn(188 ns) =1.061 · 109 A/s · 37 nH
[
e−797 · 103 1/s·188 ns{

797 · 103 1/s
9.01 · 106 1/s sin(9.01 · 106 1/s · 188 ns)

+ cos(9.01 · 106 1/s · 181 ns)
}

− 1
]

= −40.4 V.

(4.88)

Subtracting this value from the initial snubber voltage leads to a value of

vsn(188 ns) = 802 V−38.3 V = 761.6 V, (4.89)

very similar, but below the DC-link voltage of VDC = 765 V.

Interval t2 ≤ t < t3
At t = t2, the turn-off of the power switch Q2 is timed. The linear approximated drain
current slope is mainly provided by the snubber due to its small stray inductance. Similar
to the end of the previous interval, iD2 does not show a plausible behavior due to a
noticeable tail-current at t >= 210 ns for an unipolar transistor. Further examination of
these effects can be found on page 92ff.
In spite of these effects, the linear approximated drain current slope is seen approximately
in the snubber current, see isnMod in Fig. 4.12 from t2 ≤ t < t3.
Neglecting a measurement value deviating from the real value, see P. 92ff., the end of this
interval can be calculated with the current fall time tf23 = 25 ns according to

t3 = t2 + tf23 = 188 ns + 25 ns = 213 ns. (4.90)
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The operation at a low load current causes a negative snubber current value at t3 and can
be calculated according to (3.53) yielding in

isn(213 ns) = −1.061 · 109 A/s
9.01 · 106 1/s · e−797 · 103 1/s·213 ns sin(9.01 · 106 1/s · 213 ns)

+ 45 mΩ · 330 · 10−9 nF · 50 A
25 ns

·
[
1 − e−797 · 103 1/s·25 ns cos(9.01 · 106 1/s · 25 ns)

]
+ 50 A

25 ns · 9.01 · 106 1/s

(
34 nH
37 nH − 797 · 103 1/s · 45 mΩ · 330 · 10−9 nF

)
· e−797 · 103 1/s·25 ns sin(9.01 · 106 1/s · 25 ns)

= −48 A.
(4.91)

The removed charge leads to a voltage drop calculated with (3.55), while, equal to the
model validation at high current value, the value is successively calculated as follows.
Similar with Line1 for the main carrying on resonance

Line1 = A0Lres

[
1 − e−δt3

(
δ

ωd
sin(ωdt3) + cos(ωdt3)

)]
= −1.061 · 109 A/s · 37 nH

[
1 − e−797 · 103 1/s213 ns(

797 · 103 1/s
9.01 · 106 1/s sin(9.01 · 106 1/s · 213 ns) + cos(9.01 · 106 1/s · 213 ns)

)]
= −47.8 V,

(4.92)

and Line2 and Line3 for the influence of the stimulus resulting in

Line2 = ILoad

tf23

[(
Lmain − 2δ

ω2
0
Rmain

)(
1 − e−δtf23 cos(ωdtf23)

)]

= 50 A
25 ns

[(
34 nH − 2 · 797 · 103 1/s

(9.05 · 106 1/s)2 45 mΩ
)

(
1 − e−797 · 103 1/s·25 ns cos(9.01 · 106 1/s · 25 ns)

)]
= 2.9 V

(4.93)

and

Line3 = −ILoad

tf23

[(
Rmain

ω2
0

(
ωd − δ2

ωd

)
+ δ

ωd
Lmain

)
e−δtf23 sin(ωdtf23)

]
+ RmainILoad

= − 50 A
25 ns

[(
45 mΩ

(9.05 · 106 1/s)2

(
9.01 · 106 1/s − (797 · 103 1/s)2

9.01 · 106 1/s

)

+ 797 · 103 1/s
9.01 · 106 1/s34 nH

)
e−797 · 103 1/s·25 ns sin(9.01 · 106 1/s · 25 ns)

]
+ 45 mΩ · 50 A = −3.46 V + 2.25 V = −1.22 V.

(4.94)

The sum of all three lines to calculate the total change in the snubber voltage from t1 to
t3 leads to

∆vsn(t3) = −47.8 V + 2.9 V−1.22 V = −46.1 V (4.95)



72 4 Model Validation and Application

and to obtain the absolute snubber voltage, this value is subtracted from the initial
snubber voltage resulting in

vsn(t3) = 802 V−46.1 V = 756 V (4.96)
This value is below the DC-link voltage of 765 V due to the longer oscillation duration by
the chosen timing of t2.

Interval t3 ≤ t < t4
The last interval in the turn-off sequence begins with a negative snubber and DC-link
current. In high current operation, the snubber current and DC-link current at t3 are
positive. Thus, the conductive auxiliary switch can be turned off at a time t3 ≤ t < t4
and the current will proceed through its body diode. Contrary to that, at low current
operation, by turning off the auxiliary switch the body diode cannot conduct the negative
current and therefore, this would lead to non-negligible turn-off losses of Qaux. Hence, the
turn-off of the auxiliary switch according at a fixed timing with t = t4 is most desirable
due to the zero crossing of both currents, see P. 68.
After the power switch Q2 is turned off at t = t3, the main resonance continues until
the first zero crossing at which the auxiliary switch is turned off regularly. According to
(3.57)ff., this point in time can be calculated with the two parameters

A1t4 =9.01 · 106 1/s · 45 mΩ · 330 nF
·
(
e797 · 103 1/s·213 ns cos(9.01 · 106 1/s · 213 ns)

−e797 · 103 1/s·188 ns cos(9.01 · 106 1/s · 188 ns)
)

+
(

34 nH
37 nH − 797 · 103 1/s · 45 mΩ · 330 nF

)
·
(
e797 · 103 1/s·213 ns sin(9.01 · 106 1/s · 213 ns)

−e797 · 103 1/s·188 ns sin(9.01 · 106 1/s · 188 ns)
)

= −0.0704

(4.97)

(4.98)
and

A2t4 =9.01 · 106 1/s · 45 mΩ · 330 nF(
e797 · 103 1/s·213 ns sin(9.01 · 106 1/s · 213 ns)

−e797 · 103 1/s·213 ns sin(9.01 · 106 1/s · 213 ns)
)

A0
25 ns
50 A +

(
34 nH
37 nH − 797 · 103 1/s · 45 mΩ · 330 nF

)
·
(
e797 · 103 1/s·188 ns cos(9.01 · 106 1/s · 188 ns)

−e797 · 103 1/s·213 ns cos(9.01 · 106 1/s · 213 ns)
)

= −0.2981,

(4.99)

to subsequently calculate the time considering the periodicity of tangents as

∆t4 =
arctan

(
− 70.4e−3

298.1e−3

)
9.01 · 106 1/s = −25.7 ns, (4.100)
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equal to the measurement, see Fig. 4.12. With considering the periodicity of tangents
follows

t4 =
arctan

(
− 70.4e−3

298.1e−3

)
9.01 · 106 1/s + π

9.01 · 106 1/s = 323 ns. (4.101)

The negative snubber current until this point t4 further discharges the snubber and
thus, to a value below the DC-link voltage. A snubber voltage below the DC-link voltage
causes an increasing current through the body diode of the auxiliary switch and therefore
to a continuing main resonance for positive current values. The next zero crossing occurs
half of a period later at

t4Low = t4 + π

9.01 · 106 1/s = 672 ns. (4.102)

However, the change of the snubber voltage can still be calculated with (3.63) considering
the enlarged interval t3 ≤ t < t4Low to

∆vsn(t4Low) =A0 · 37 nH
[
1 − e−797 · 103 1/s·672 ns

·
(

797 · 103 1/s
9.01 · 106 1/s sin(9.01 · 106 1/s · 672 ns) + cos(9.01 · 106 1/s · 672 ns)

)]
+ 45 mΩ · 50 A

+ 50 A
(9.05 · 106 1/s)2 · 25 ns

[(
9.01 · 106 1/s · 45 mΩ

+ 797 · 103 1/s
9.01 · 106 1/s · 34 nH · (9.05 · 106 1/s)2 − 797 · 103 1/s2

9.01 · 106 1/s · 45 mΩ
)

·
{
e−797 · 103 1/s·(672 ns−213 ns) sin(9.01 · 106 1/s · (672 ns − 213 ns))

−e−797 · 103 1/s·(672 ns−188 ns) sin(9.01 · 106 1/s · (672 ns − 188 ns))
}

+ (34 nH · (9.05 · 106 1/s)2 − 2 · 797 · 103 1/s · 45 mΩ)
·
{
e−797 · 103 1/s·(672 ns−213 ns) cos(9.01 · 106 1/s · (672 ns − 213 ns))

−e−797 · 103 1/s·(672 ns−188 ns) cos(9.01 · 106 1/s · (672 ns − 188 ns))
}]

= −23.7 V.
(4.103)

This value is subtracted from the initial snubber voltage to calculate the absolute value
at t = t4Low as

VsnMaxOff = vsn(t4Low) = 802 V−23.7 V = 778.3 V. (4.104)
As it can be noticed, in Figure 4.12, the calculated current waveform from t4 ≤ t < t4Low is
higher than the measured value. This also leads to a higher estimated snubber voltage and
is related to the non-ideal body diode characteristic with a comparatively high forward
voltage. Further, the measured values, the DC-link current, the snubber current and the
drain current show an oscillation of about 6.5 MHz. However, this frequency does not fit
to a resonance frequency of any considered combination of inductance and capacitance
and is further discussed on page 92ff.
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4.6 Continuous Operation at High Load Current
In this section the two models for turn-on and turn-off are used to predict the behavior
at a constant load current of ILoad = 350 A and thus, at high current mode operation
as presented by [118]. Further, a simplified approximation for the simulated snubber
voltage is presented. Finally, the damping losses of a DC-snubber setup are calculated as
reference. For the calculation, the optimal timing according (4.59) is used. The fall time
of the linear voltage slope for turn-on is assumed to be tf12 = 31 ns and the fall time of
the linear current slope at turn-off is assumed to be tf23 = 18 ns respectively according to
the measurement. Figure 4.13 shows the end value development of the snubber voltage
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after each switching event. Each odd number describes a turn-on event and thus, the
voltage VsnMaxOn calculated with (3.46). Each even number describes a turn-off event with
an end voltage VsnMaxOff according (3.67). The corresponding modeled snubber current
waveforms are depicted in Figure 4.14. Because the delay between each switching event is
kept constant in the calculation with a delay of 25 ns, to separate each event, the abscissa
shows a time scale which must not fit to a realistic duty-cycle. However, the time scale
for the calculated current within each switching event is correct.
Until the first turn-on occurred, the snubber capacitor Csn is charged through the body
diode of Qaux up to the value of the DC-link voltage as indicated in Figure 4.13, No.
0. The first switching event, a turn-on, leads to a positive snubber current as shown in
Figure 4.14 caused by the diode recovery, cf. Sect. 4.2. This positive current initially
charges the snubber up to a voltage of 806 V. Because the snubber voltage is now above
the DC-link voltage, the body diode of Qaux gets in blocking state. Hence, the snubber
voltage remains at 806 V.
In a DC-snubber setup according to Figure 4.6, the diode turn-off of the passive switch
Q1 triggers a damped oscillation between Lmain and Csn with high damping losses, cf. also
the measurements on Page 98. Contrary to that, the active snubber allows only current
flow for a short duration and stores the energy for the subsequent turn-off event. Thus,
the damping losses are much lower compared to a DC-snubber, cf. Figure 4.15.

In the subsequent turn-off event of the active snubber (No. 2), the stored energy is
released on the DC-link and reduces the DC-link current. Hence, the snubber current
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Figure 4.15: Simulated damping losses for subsequent switching events at 350 A

becomes negative. Due to the resistances in this circuit modeled by Rmain and Rsn, a
small part of the stored energy is dissipated. Thus, the absolute value of the negative
peak current with approximately 190 A is slightly below the peak current at the previous
turn-on event with approximately 220 A and indicates losses during oscillation. This
allows to draw the conclusion that the quality factor of the resonant circuit

Q = (Rmain + Rsn)
√

Csn

Lres
, (4.105)

is a major performance parameter to rate the efficiency of the active snubber for contin-
uous operation. For the definition of Q, see e.g. [93] P. 255ff. Hence, a DC-link design
targeting a low resistance at high frequencies should be a major goal for dimensioning.
At the turn-off of Q2 the snubber current becomes positive because the remaining cur-
rent ilink flowing through Lmain, commutates into the snubber capacitor. This charges the
snubber capacitor up to a voltage of 788 V which is below its value before the turn-off
event. As shown in Figure 4.15, the damping losses are much lower compared to the
DC-snubber losses which can be explained similar to the turn-on event due to prohibiting
a continuing oscillation and storing the energy.
The subsequent switching event No. 3 shows a very similar current peak compared to the
first turn-on event. While the first turn-on event with a snubber voltage of 750 V lead to
a duration of current flow of t4 − t3 = 35 ns the higher snubber voltage of 788 V at event
No. 3 reduces this duration to 25 ns and additionally leads to an energy transfer to the
load. Considering that the snubber voltage in this interval lies across Q1 and thus across
the load, cf. Fig. 3.4, the dependence on A2t5 on ILoad influences t5 and thus the duration
in which vsn is larger than VDC. However, a significant part of this energy commutates
into the snubber capacitor, adds up to the already stored energy and charges it up to a
voltage of 825 V. This causes a higher negative snubber current peak in the subsequent
turn-off event No. 4. The energy exchange from switching event to switching event causes
an alternating end value of the snubber voltage as it can be noticed in Figure 4.13. For
progressed switching, the end values for each turn-on event as well as the end values for
each turn-off event converge to be stable and constant. This also influences the snubber
current, and for switching events later than event number 8, this transient exchange evens
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out. This allows the conclusion that the small amount of energy damped in each switching
event is sufficient to stabilize the snubber voltage and proves stability of the circuit in
terms of a snubber voltage not increasing to destructive values. The calculated voltage
development indicate an alternating behavior around a mean value of VsnMean = 798 V.
The alternating current and voltage development allows further investigation and the
derivation of a much simpler end value estimation as follows. First, a lossless circuit and
a negligible reverse recovery peak current is assumed. Hence, only the energy exchange
during turn-off is taken into account first. Analyzing the Figs. 4.13 and 4.14 the conclu-
sion can be made that for continuous switching a maximum snubber energy stored from
the previous turn-off, and thus a maximum snubber voltage, is reached which allows to
reduce the DC-link current ilink(t2) during a turn-off event by half. The remaining half of
the DC-link current after the turn-off charges the snubber back to a voltage equal to the
voltage before the switching event. Based on the simulations from Fig. 4.13 and 4.14 a
simplified approach to estimate the snubber voltages for continuous operation at constant
load current can be derived with common sense. In case all transitions have been settled,
cf. the events No. 8ff., the mean snubber charge about two subsequent switching events
must be constant. It is valuable to mention the fact that for t2opt the last quarter of the
snubber current resonance period at turn-off in high current operation mode, see t3 to t4
in Fig. 4.11, and t4Low+t4

2 to t4Low for low current, charges the snubber capacitor to its end
value VsnMaxOff . This allows the following approach for a good estimation of VsnMaxOff .
The commutation current is provided by the DC-link and snubber capacitors proportion-
ate to a factor

α = Lmain

Lres
, (4.106)

which is derived from (3.54).
Focusing on the final turn-on event No. 13, see Fig. 4.14, the Irrm = 232 A starts roughly
a quarter of the resonant oscillation period which proceeds during turn-off (event No. 14)
resulting in a negative peak current for event No. 14, cf. Fig. 4.14, estimated with good
match with

isnOff(t2) ≈ −Irrm

(
1 − 1

2Q
)

= −232 A
(

1 − 1
20.176

)
= −211 A. (4.107)

This value approximates the left term of (3.54) and can be applied in case the damping
is very small and the snubber capacitor is large enough that its peak voltage is not
much above the DC-link voltage. However, because the turn-on current flow duration is
lower than a quarter of the oscillation period due to a higher snubber voltage. Hence,
the absolute value is underestimated and indicates that this approximation deviates for
smaller snubber capacitors and thus, it can only be a rough estimation.
For a very fast switching event tf23 = 0, and considering the left term in (3.54) again, the
peak value can be estimated with

isnOff(t3) ≈ −Irrm

(
1 − 1

2Q
)

+ ILoad · α

= −232 A
(

1 − 1
20.176

)
+ 350 A · 0.92 = 110 A,

(4.108)
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cf. No. 14 in Fig. 4.14. As mentioned, the remaining quarter of the resonance period
until t = t4, the current is further damped and charges the snubber to

VsnMaxOff ≈
√

Lmain

Csn
isnOff(t3)

(
1 − 1

4Q
)

+ VDC

=
√

34 nH
330 nF110 A

(
1 − 1

40.176
)

+ 750 V

= 783 V,

(4.109)

calculable by modification of (2.29) under consideration of the damping losses for a quarter
of a period with Q. This value is higher to Fig. 4.13 No. 14, due to the relation between
t5 and vsn as mentioned above. However, accepting this deviation, the highest voltage
VsnMaxOn, see Fig. 4.13 No. 13, can be estimated with the help of (2.29) by considering Q
yielding in

VsnMaxOn ≈
√

Lmain

Csn
· Irrm ·

(
1 − 1

4Q
)

+ VDC

=
√

34 nH
330 nF · 232 A ·

(
1 − 1

4 · 0.176
)

+ 750 V

= 821 V.

(4.110)

But it should be noted that this result does not include the energy transferred to the load
as well as energy already stored in the snubber capacitor and therefore, it results in a
higher value, cf. Fig. 4.13. Both (4.109) and (4.110) allow to estimate the mean snubber
voltage to

VsnMean ≈ VsnMaxOn + VsnMaxOff

2 = 783 V + 821 V
2 = 802 V. (4.111)

A further important point to notice is that if this peak voltage is compared to the peak
voltage of a DC-snubber according to (2.29) yielding in

VDCMax =
√

Lmain

Csn
· ILoad + VDC =

√
34 nH
330 nF · 350 A + 750 V = 862 V. (4.112)

It indicates that the DC-snubber with equal capacitance has to be rated for higher peak
voltage or has to be designed larger to lead to similar peak voltages as with the active
snubber.

4.7 Continuous Operation at Low Load Current
Similar to Section 4.6 the turn-on and turn-off model are alternately used to calculate the
active snubber behavior as presented by [118]. In this section, a low operation current is
subject of manner. While the same timing is used for tf12 and t2opt, the timing for tf23 is
adjusted according to the measurement with 25 ns, see Sect. 4.5.
The corresponding snubber voltage and snubber current calculation are shown in Figures

4.16 and 4.17 respectively starting with a DC-link voltage of 750 V. Similarly, each odd
switching event represents a turn-on and each even switching event represents a turn-off.
During the decreasing current slope at the reverse recovery peak current, the voltage at the
passive system rises. Before the very first turn-on event, the snubber capacitor is charged
up to the level of the DC-link voltage. Hence, the voltage of the passive switch can rise only
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slightly above this level until the body diode of the auxiliary switch becomes conductive
and allows commutation of the energy stored in Lmain into the snubber capacitor, cf. Figs.
4.16 and 4.17. Making use of the simplified principle used to derive (4.111), this initial
snubber charge increases the snubber voltage to a value of approximately

VsnMaxOn(1) ≈
√

Lmain

Csn
· Irrm · (1 − 1

4Q) + Vsn0

=
√

34 nH
330 nF · 234 A · (1 − 1

4 · 0.176) + 750 V

= 822 V,

(4.113)

slightly above the complex model simulation, see No. 1 in Fig. 4.16, due to the relation
between t5 and vsn. However, this approximation can be challenged due to the simplifica-
tions made to model the effective capacitance of the passive switch Coss∗ which does not
include a current dependency as well as the points mentioned on Page 76. Thus, a current
dependency of Irrm is not considered. Additionally, is was shown in Section 4.3 that the
turn-on model overestimates the recovery peak current Irrm and as a consequence, a lower
voltage increase can be expected in practice.
However, even at very low current values a reverse recovery peak above zero can be ex-
pected due to the voltage slope triggering the oscillation circuit between Lmain and Coss∗
with a characteristic described by (3.25) and (3.26), cf. also the measurements on Page 99.
As it can be seen in Figure 4.17 the reverse recovery peak current, much higher than the
load current, provides significant energy which cannot be fed to the load in total during
the turn-off event due to the low load current. This energy adds up to the already stored
energy in Csn and causes a significant negative snubber current peak in the subsequent
turn-off events.
To obtain the mean snubber voltage, the approach according to the previous section shall
be examined. Although (4.108) stays valid and predicts a plausible value of

isnOff(t3) ≈ −234 A
(

1 − 1
20.176

)
+ 50 A · 0.92 = −167 A, (4.114)
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it must be extended to get the positive peak value at

t4LowMax = t4Low + t4

2 , (4.115)

cf. No. 14 in Fig. 4.17 with Fig. 4.12. The extension must consider the proceeding
current oscillation until the maximum occurs which lead to

isnOff(t4LowMax) ≈ −isnOff(t3)
(

1 − 1
20.176

)
= 167 A

(
1 − 1

20.176
)

= 152 A.
(4.116)

Substitution of isnOff(t3) in (4.109) lead to the final value of

VsnMaxOff ≈
√

Lmain

Csn
isnOff(t4LowMax)

(
1 − 1

4Q
)

+ VDC

=
√

34 nH
330 nF152 A

(
1 − 1

40.176
)

+ 750 V

= 796 V.

(4.117)

The estimated voltage according to (4.117) predicts a higher value than simulated, cf.
Fig. 4.16, due to the already mentioned relation between t5 and vsn.
The maximum value VsnMaxOn is calculated under similar constraints with (4.110) resulting
in a value lower than simulated as

VsnMaxOn ≈
√

34 nH
330 nF · 234 A ·

(
1 − 1

4 · 0.176
)

+ 750 V

= 822 V.

(4.118)

The higher simulated value is also related to the relation between t5 and vsn and thus,
to the stored energy. The error made due to this relation causes an increased VsnMaxOn
similar to a decreased VsnMaxOff . However, due to this error made in both VsnMax-value,
the mean snubber voltage is calculated by (4.111) with a good estimation to the value in
Fig. 4.16 as

VsnMean ≈ 796 V + 822 V
2 = 809 V. (4.119)

As already mentioned in Section 4.3 the model accuracy can, indeed, be challenged for
lower load currents due to the overlap of the vDS2 voltage slope with the subsequent
intervals. Therefore, both models, for turn-on and turn-off, can only be used as a hint to
estimate the behavior in terms of tendencies for pure low current operation.
Further, the absolute value of the active snubber damping losses depicted in Fig. 4.18
can similarly be challenged. Due to the overestimation of the reverse recovery peak and
the squared relation between current and energy stored in the stray inductance, lower
damping losses can be expected in practice. Examining the damping losses at each turn-
on, a decreasing tendency converging to a value slightly below 150 µJ can be noticed, cf.
Fig. 4.18. This decreasing tendency is plausible and can be explained as follows. At the
very first turn-on, the snubber capacitor is charged to the value of the DC-link voltage.
Thus, the current in the stray inductance at t4 can commutate into the snubber capacitor
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without counteraction. With progressed switching, the snubber voltage increase and thus,
the counteraction increase as well and leads to a shorter duration t4 ≤ t < t5. With similar
peak current but shorter duration, the damping losses decrease with increasing snubber
voltage.
Contrary to the turn-on damping losses, the damping losses for turn-off increase as well
for progressed switching. With increasing mean snubber voltage, the energy fed to the
load at each turn-off, increase as well. This leads to higher current values and thus to
higher damping losses due to the fixed resonance period. Due to the squared dependency
of the losses from the current, the damping losses increase much more compared to the
decreasing turn-on damping losses. Hence, the total damping losses estimated by the
challengeable low current model increase to a constant value for progressed switching.

4.8 Continuous Operation at Sinusoidal Load Current
For practical considerations, especially in main inverter application, a sinusoidal load
current is calculated in this section as presented by [118]. To simulate this application, the
load current is changed for each switching event to obtain a sinusoidal current shape for a
sine half wave. Beginning at zero current, 100 subsequent switching events are calculated
with respect to the two operation modes discussed previously. Thus, this calculation
is used to predict the behavior for a common operation with a switching frequency of
fsw = 10 kHz and a load current frequency of fAC = 50 Hz. A current peak value of 350 A
is chosen to show the transition from low current operation to high current operation
mode. Similar to the previous sections, the duty-cycle is chosen to be constant at 50 %
and the timing of descending current and voltage slopes are adapted to the operation
mode with respect to the load current.

The calculated snubber voltage and snubber current are shown in Figures 4.20 and 4.19.
It can be noticed that for the very first switching event close to the first zero crossing
of the load current, the snubber voltage starts at DC-link voltage and need to converge
similar as described in the two previous sections. Hence, the predicted values differ to the
second zero crossing, at which the circuit has been converged. By comparing the predicted
snubber voltage after the switching event shown in Figure 4.19 with the two predictions
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at continuous load current in Figs. 4.16 and 4.13, a similar result with higher end voltage
at lower current values is predicted. Around switching event 20 and switching event 80,
similar to 2 ms and 8 ms, the load current is close to the reverse recovery peak current.
In Section 4.7 it has been mentioned that at this load current, the energy stored in the
snubber during turn-on, reduces the DC-link current at turn-off to zero. Comparing both
values the snubber current as well as the snubber voltage at this point, the predicted val-
ues for low and high current operation mode predict similar values and offer a plausible
transition.
Because it has been shown in Section 4.6 that both models show a good prediction for
the operation at high load current, the predicted values can be treated as valid from ap-
proximately switching event 20 to 80 or 2 ms to 8 ms respectively. The shown prediction
out of this interval is at low current operation mode. In Section 4.7 it has already been
discussed that the model at low current operation shows a weak prediction of the snubber
end voltage and snubber current in this operation mode. However, treating the calcu-
lation for low load current as a worst case estimation, the snubber voltage and current
increase closer to the zero crossing of the load current but remain in an uncritical range
indicating a stable behavior. Of course it should be considered at this point that at the
not depicted subsequent negative half wave the switch Q1 is the turning off switch and
the auxiliary switch timing has to be synchronized to Q1.
In Figure 4.21 the calculation of the damping losses for the active snubber according
(4.31) and (4.79) as well as the damping losses for the DC-snubber according (2.28) are
depicted. The difference between turn-on and turn-off - leading to a alternating damping
loss value - is not depicted separately but is depicted as a sum of the damping loss of a
turn-on and the damping loss of the subsequent turn-off event. Hence, each depicted value
shows the sum of two subsequent switching events which allows a better comparison.
Figure 4.21 shows that the damping losses are strongly reduced compared to the DC-
snubber at load current values above approximately 125 A. Considering the over estima-
tion of both models at low current operation mode, a slightly lower load current value can
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Figure 4.21: Damping losses for sinusoidal load current after [118]

be assumed. In conclusion, the reduced damping losses compared to a DC-snubber allow
the application at more harsh conditions. Thus, the active snubber is feasible at much
higher load current values or switching frequencies. Further, the cooling conditions for
the capacitor can be simplified, e.g. by placing the capacitor not inside the power module
on the substrate for good cooling but on driver board.
To estimate the mean expectable damping losses for the DC-snubber WdampDC and for

the active snubber WdampAS, the shown losses over all 50 switching periods are calculated
with

WdampDC = 1
100

100∑
n=0

EdampDC = 2.06 mJ and (4.120)

WdampAS = 1
100

100∑
n=0

EdampAS = 456 µJ, (4.121)

which results - by considering both switching events - in a dissipated power of

PdampDC = EdampDC · fsw = 2 · 2.06 mJ · 10 kHz = 20.6 W and (4.122)
PdampAS = EdampAS · fsw = 2 · 456 µJ · 10 kHz = 4.6 W (4.123)

respectively. Further, the damping loss development allows to deviate a reasonable change
in controlling the auxiliary switch or when a DC-snubber is the better choice. By focus
on switching events above 80, at which the circuit is converged, the damping losses of the
active snubber exceed the damping losses of the DC-snubber at approximately switching
event 90 and a load current of 110 A, cf. Fig. 4.21. This marks a tipping point. Neglecting
the overestimation of the operation at low current and the additional influence of the on-
state-resistance of the auxiliary switch not present for the DC-snubber, it can be concluded
that for load current value below this current ILoadTip = 110 A the operation as a DC-
snubber gets more beneficial with the chosen setup in terms of damping losses. This can
be done by permanently activated auxiliary switch.
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Considering the fact that for negative load current values, the turn-off sequence of the
active snubber had to be applied for the top-side switch Q1 and for positive current
values for Q2, a change in the auxiliary switch controlling is necessary. Thus, a proposal
for controlling the auxiliary switch can be given as follows. At positive load current values
above ILoadTip the auxiliary switch timing is applied as described exemplary in this work
for the switch Q2. For load current values in the range ILoadTip > ILoad > −ILoadTip the
auxiliary switch is permanently turned on to use the circuit as a DC-snubber. Similarly,
for load current values below −ILoadTip, the auxiliary switch timing is applied for the switch
Q1. Further, for this suggested auxiliary switch timing, with an interval of permanent
activation, considerations for an optimal transition for a change from Q2 to Q1 timing is
not necessary.
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5 Setup Comparison
While in the previous work the focus was kept on the description and modeling of the
optimized commutation circuit, this chapter is about its behavior compared to the sim-
ilar setups introduced in Section 4.6. At selected operation points, the system stray
inductance is varied to outline its influence. Further, key parameters of the setups are
compared within an expectable operation range with different DC-link voltages, load cur-
rents and switching speeds adjusted by varying the gate resistors and remarkable effects
and characteristics are discussed. Subsequently, all setups are dimensioned for a hypo-
thetical inverter operation with respect to maximum allowable switching speed at which
the maximum specified breakdown voltage of 1200 V is not exceeded. To enable a proper
inverter dimensioning, the static behavior and the thermal resistance are evaluated first.
Finally, the maximum achievable output power is estimated at different DC-link voltages
for ϑj = 25 řC to evaluate the efficiency at different operation conditions and estimate a
potential application power range for the different setups.

5.1 Finding Appropriate Gate Resistors
At first, a basic characterization was done where DC-link voltage, load current and the
gate resistors for turn-on and turn-off are varied with values as shown in Table 5.1. The
measurements were performed at a junction temperature of Tj = 25 ◦C. However, it should
be mentioned that especially the dynamic behavior of the body diode is temperature
dependent [122]. Goal of the measurement plan is to find the maximum switching speed
which can be allowed at a defined condition.

Table 5.1: Varied parameter for characterization

VDC [V] ILoad [A] RGon [Ω] RGoff [Ω] LσOn [nH]
450 50 5 5 37
600 200 2 2 47
750 350 1 1

0.5 0.5

While the lower DC-link voltage and load current values were performed first, each
test series begins with the highest gate resistor to ensure that the maximum allowed
drain-source peak voltage of 1200 V is not exceeded. Then, keeping DC-link voltage and
load current, the gate resistor was reduced until further reduction would lead to a critical
overvoltage. Subsequently, the DC-link and load current were successively increased in
terms of a full factorial design.

5.1.1 Turn-Off Event
To find the maximum switching speed allowed, the mentioned above experimental design
was performed with each setup, the conventional halfbridge (HB), the DC-Snubber setup
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(SN) and the active snubber setup (AS). It has been found that the highest drain-source
voltage peak at turn-off appears in each setup at a DC-link voltage of 750 V and a load
current of 350 A. The overvoltage for each setup at different stray inductances as a
function of RGoff is given in Figure 5.1. It should be mentioned that RGoff is meant to be
the external gate resistor applied between the power module and the driver and does not
include the chip internal gate resistor.
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Figure 5.1: Turn-off overvoltage for the three different setups for VDC = 750 V and ILoad =
350 A

Figure 5.1 shows that the conventional halfbridge suffers strongly from the high main
stray inductance and the allowed maximum drain-source voltage is exceeded at gate re-
sistors below 3 Ω for the 37 nH setup and below 4.25 Ω for the 47 nH setup respectively.
However, it can be discussed whether the chosen setup stray inductance is comparable to
practical setups. This is evaluated by comparing the two chosen stray inductance values
to the stray inductance given in the data sheet of a similar module commercially available.
For example, according to its datasheet [126], the FF6MR12W2M1P-B11 is specified with
35 nH for the setup and 8 nH for the power module. Because the defined main stray in-
ductance is the sum of both, this leads to a value of LmainFF6 = 43 nH and therefore, the
two chosen values in this work can be kept to lead to a realistic result. Hence, for further
comparison, the gate resistor for the turn-off of the conventional halfbridge is selected to
be the next characterized value from the measurements as RGoffHB = 5 Ω.

For the DC-Snubber setup, it can be noticed that the maximum voltage is constant
within a wide range of different gate resistors. This effect is related to the snubber
capacitor which stores the energy of the stray inductance. Hence, with respect to (2.29),
this voltage can be calculated in good approximation to

VDSmax = 750 V +
√

37 nH
330 nF · 350 A = 870 V (5.1)

For very low gate resistance values, the stray inductance through the snubber path LσOff
according to (3.1) becomes significant and causes the highest drain-source voltage due to
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the fast switching speed. Further, this indicates that a gate resistor could be selected which
is even below the smallest chosen value of 0.5 Ω. However, at RGoff = 0.5 Ω, the maximum
resolvable current fall time with the chosen Rogowski coil is reached, as already described
at Page 55. As a result, a lower gate resistance value would not lead to true measurement
values which might not be reproducible. Thus, a gate resistor of RGoffSN = 0.5 Ω is the
lowest applicable value within the available measurement conditions.
A similar overvoltage characteristic is shown by the active snubber setup. The maximum
voltage peak for gate resistors above 1 Ω is constant. As described in Section 4.6 the
measurement was performed as a double pulse while the second turn-off event was used
to ensure that energy stored in the snubber capacitor. Additionally, it has already been
described in Sect. 4.6ff. that this voltage value does not represent the maximum voltage as
it can be expected in inverter operation. Because the maximum voltage overshoot occurs
in high current operation mode, and the measured peak voltage value of 816 V is below
the expectable maximum snubber voltage according Fig. 4.13 with 820 V, the assumption
can be made that for gate resistors above 1 Ω, the maximum snubber voltage defines the
highest drain-source voltage. This assumption can be validated by analyzing the switching
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Figure 5.2: Active snubber vDS2 for dif-
ferent RGoff at 750 V, 350 A

curve, cf. Fig. 5.2. It can be seen that with a
gate resistor of 1 Ω, the highest voltage occurs
at the switching event and thus, it is caused by
LσOff . Contrary to that, for 2 Ω, the highest
voltage occurred due to the snubber charging
which does not depend on the switching speed
but on the load current and the energy manage-
ment by the manner of operation of the active
snubber circuit.
Furthermore, for smaller gate resistors, e.g.
0.5 Ω, the peak voltage of the active snubber
setup and for the DC-snubber setup at Lmain =
34 nH converge to each other. This indicates
that for faster switching speeds LσOff is more
relevant in terms of peak voltage reduction as
the snubber voltage.
Because for current measurement the same Ro-
gowski coil was used, the selection of the gate-
resistor for the active snubber relates to the same limitation of resolvable current slope
and thus, a gate-resistor of RGoffAS = 0.5 Ω is used for further investigation.

5.1.2 Turn-On and Diode Recovery
In the previous section, the minimum allowed gate resistor for turn-off at a DC-link
voltage of 750 V and a load current of 350 A was selected for each of the three setups
to compare. This section focuses on the selection of the gate-resistor for turn-on with
respect to the maximum voltage peak at reverse recovery of the device body diode. The
characterization has been done according to Table 5.1 and it has been found that for the
DC-snubber setup and the active snubber setup the maximum voltage occurs at a load
current of 350 A. Contrary to that, the body diode in the conventional halfbridge setup
shows the highest voltage at a load current of 200 A, cf. Fig. 5.3. All setups show the
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Figure 5.3: v̂DS as a function of ILoad at
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750 V

highest peak voltage at a DC-link voltage of 750 V. Both Figures, 5.3 and 5.4, indicate
that the conventional halfbridge setup suffers strongly from a comparatively high stray
inductance and at a load current of 200 A the increase of the inductance from 37 nH to
47 nH causes about 300 V higher peak voltage. Therefore, with respect to Figure 5.4 a
gate resistor for the 47 nH setup of RGonHB47 = 5 Ω and for the 37 nH setup a resistor of
RGonHB37 = 1 Ω must be selected.

The voltage peak of the DC-snubber setup is subject of the same relation as for the
turn-off event and can be estimated with (5.1). However, while at the turn-off event, for
lower gate resistors the peak voltage is mainly determined by LσOff leading to a higher
voltage as estimated with (5.1), this effect cannot be observed for the DC-snubber at
diode recovery. Because the DC-snubber is permanently connected, a significant amount
of charge is provided by the snubber during the turn-on event. As a result, the snubber
is discharged to a lower voltage, which is still present during the voltage peak occurring
during diode recovery, see vsn in Fig 5.5. This lower snubber voltage compensates the in-
creased voltage occurring during the negative current slope of the reverse recovery peak.
Therefore, for the DC-snubber setup, the lowest gate resistor according Table 5.1 can be
selected as RGonSN = 0.5 Ω.

For the active snubber, the body diode of the turned off Qaux for the active snubber
prohibits this discharge of Csn during turn-on. As it can be seen in Figure 5.3 for load
current values below 200 A the maximum snubber voltage for the active snubber exceeds
the maximum voltage of the DC-snubber. The previously presented model for turn-on
predicts that for lower load currents the maximum snubber voltage increases due to the
energy stored during turn-on, which cannot be retrieved in total at turn-off, cf. e.g. Sec-
tion 4.8. On the one hand, due to the performed double pulse measurement, the usage
of the measured VsnMax value for gate resistor selection might be challenged in terms of
transferability to the model prediction. The model indicates that the highest voltage is
close to the zero crossing of the load current. On the other hand, as already been dis-
cussed on Page 78, the model overestimates the reverse recovery peak current and thus,
the stored energy. Therefore, the measured highest voltage value measured at a load
current of 350 A was used for selecting a proper gate resistor. As shown in Figure 5.4,
the diode recovery in the active snubber setup causes a higher voltage peak for lower gate
resistors compared to the DC-snubber. Comparing the characteristics of the DC-snubber
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Figure 5.6: AS snubber vDS1 for 750 V,
350 A with RGon = 1 Ω

in Fig. 5.5 with those of the active snubber in Fig. 5.6, a similar initial voltage drop, cf.
vsn, can be recognized but with a stronger reduction for the active snubber. This relation
can be explained similar to the DC-snubber. vsn is lower at the active snubber setup
due to the non linear voltage dependent output capacitance of Qaux acting as a small
DC-snubber capacitance at this point. While at the DC-snubber setup, the large snubber
capacitor can provide more charge leading to a lower reduction, the output capacitance
of Qaux is lower and thus, vsn is reduced to lower voltage. This lower voltage leads to a
reduced initial voltage peak at t = 159 ns during the rising vDS1 for both snubber setups
even below VDC. The increasing output capacitance of Qaux with increasing vDS1 and
hence decreasing vDSaux causes a smoothing effect until its body diode becomes conduc-
tive. Afterwards, the snubber charges and leads to the maximum of vDS1. Nevertheless,
the difference between both setups can be neglected for gate resistor selection because
all used RGon-values led to uncritical maximum voltages, see Figs. 5.5 and 5.6. Hence,
the same gate resistor for the turn-on event can be chosen for the active snubber setup
similarly to the the DC-snubber setup to RGonAS = 0.5 Ω.
In summary, the gate resistors for driver placement shown in Table 5.2 were chosen ac-
cording to the above mentioned restrictions. Similarly, the gate resistors for both snubber
setups are chosen with respect to resolvable current rise and fall time due to the limita-
tions of available and suitable current probes. Therefore, the hypothesis can be made that
faster switching with gate resistors below 0.5 Ω is feasible and reasonable with respect to
further switching loss reduction.

Table 5.2: Chosen gate resistors

Setup LσOn [nH] RGon [Ω] RGoff [Ω]
Halfbridge 47 5 5
Halfbridge 37 1 5

DC-snubber 47 0.5 0.5
DC-snubber 37 0.5 0.5

Active snubber 47 0.5 0.5
Active snubber 37 0.5 0.5
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5.2 Comparing Switching Waveforms
In this section, the switching waveforms of each setup are compared with focus on points
indicating remarkable differences and effects to be discussed. This is done with focus on
practical relevance and also for the active snubber with respect to model predictions to
give the reader a better understanding of characteristics shown in later sections. Based
on former chapters, a DC-link voltage of 750 V with the gate resistors shown in Table 5.2
is used and the characteristics are compared at load current values of 350 A and 50 A. For
comparing the waveforms the setup with LσOn = 37 nH is chosen because faster switching
is possible and therefore, interesting effects are more pronounced.

5.2.1 Comparison of the Turn-Off Event
The overlay of the turn-off waveforms at a load current of 350 A for all three setups is
shown in Figure 5.7. Similarly, the abbreviations ’HB’ indicates the conventional half-
bridge, ’SN’ and ’AS’ the DC-snubber and the active snubber setup respectively. The
waveforms represent the highest allowed or achieved switching speed for the halfbridge
setup in terms of v̂DS or the highest feasible for both snubber setups in terms of resolvable
current slope.
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Figure 5.7: Turn-off comparison for LσOn = 37 nH at 350 A

By analyzing the current and voltage waveform of the halfbridge, it can be noticed that
with increasing drain-source voltage, the drain current iD2HB shows a slightly negative
slope, cf. Fig. 5.7 for 100 ns < t < 220 ns. The reduction of the drain current can be
explained with the displacement current through the output capacitance of Q1, see Sect.
2.3.1. Separately from the snubber and the DC-link parasitics, according to Figure 3.4,
the drain current can be calculated with

iD2 ≈ ILoad + iD1 = ILoad + Coss1(vD1)
dvDS1

dt
. (5.2)
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With a maximum voltage slope for the halfbridge measured as 16 kV/µs at this load
current and neglecting the parasitics and non-linearities, a displacement current of 32 A
can be estimated considering a mean voltage dependent Coss1 ≈ 1 nF, cf. Fig. 4.9 with
four dies in parallel. Carefully applying this estimation on both snubber setups, cf. iD2SN
and iD2AS in Fig. 5.7, a displacement current related drain current drop can be noticed
for both snubber variants at approximately 240 ns but is not appearing despite of a small
dip before 240 ns. The theory predicts a current drop of 60 A for the about 60 kV/µs.
An additional point to mention is the slight current peak in iD2AS at 75 ns, which is not
appearing in iD2SN. This peak is related to the turning on Qaux. As illustrated in Fig. 3.3
at t1, vDSaux decreases to zero and thus, vDS1 increases. Its output capacitance is charged
by a current mainly provided by the snubber added to the continuous load current.
Comparing the voltage signals in Fig. 5.7 the halfbridge is turned off much slower and
causes a higher voltage overshoot due to the large Lmain. Contrary to that, both snubber
voltages behave identically until the low voltage peak at 250 ns caused by the low LσOff .
Then, a high frequency oscillation between the very low stray inductance and the output
capacitance occurs, see (4.24). Afterwards, the DC-snubber charges and leads to a further
increasing vDS2SN with a maximum at approximately 420 ns. Contrary to that, the active
snubber shows also a slight increase with superimposed high frequency signal but much
lower as for the DC-snubber. This fits to the already given description in Sect. 4.6
related to the DC-link current reduction. While the DC-snubber oscillation continues for
t > 420 ns, the auxiliary switch of the active snubber goes into blocking state and thus,
the remaining energy in the charged up Coss2 starts oscillating with LσOn at a frequency
of

f = 1
2π

√
LσOnCoss2

≈ 1
2π

√
37 nH · 1 nF

= 26.2 MHz. (5.3)

Here, an assumed to be linear Coss2 = 1 nF for four dies in parallel at VDC = 750 V, cf.
also Fig. 4.9 is used.

As it can be seen in Fig. 5.8 the snubber setups at ILoad = 50 A, contrary to the
conventional halfbridge, do not show the mentioned displacement current related current
drop during the voltage drop either, cf. Fig. 5.8 for 230 ns < t < 260 ns. iD2AS even
increases at the beginning voltage slope. Comparing the drain-source voltage slope of
both snubber setups with Fig. 5.7, the rise time is lower. Questioning the measured
current values and considering that only the load current can charge the two output
capacitances of Ccoss1(VDS1)||Ccoss2(VDS2) ≈ 2 nF a voltage slope of approx. 25 kV/µs can
be calculated. This fits very well to the measured voltage slope in Fig. 5.8 and allows
to conclude that in this case the quasi-soft turn-off appears mentioned in Sect. 2.3.2.
Further, this allows to questionate the rising measured drain current iD2AS during the
voltage slope and as a result, the measured switching losses might be much higher than
the real turn-off losses. This effect is further investigated at the end of this section.
An additional remarkable fluctuation effect can be noticed in the current waveform of
the active snubber setup in both Fig. 5.7 and 5.8 within the time range from 60 ns to
220 ns. At t = 60 ns the auxiliary switch is turned on rapidly. As shown in Figure 3.3, this
increases the voltage vDS1, which drives a displacement current through Coss1. According
(5.2), this displacement current increases the drain-source current iD2. However, the
afterwards changing drain current can be challenged. Considering the equivalent circuit
in Fig. 3.1, the turned on switches Qaux and Q2 during this time span, the approximate
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Figure 5.8: Turn-off comparison for LσOn = 37 nH at 50 A

snubber voltage lies across Q1. As mentioned in Sect. 4.4 the snubber is charged up to
a voltage of 835 V and the DC-link voltage is 765 V. The turned on Qaux results in an
oscillation with decreasing snubber voltage and thus, decreasing voltage vDS1. Hence, the
assumption can be made, that this voltage change causes a displacement current through
Coss1 and in conclusion to the observed fluctuation in iD2AS. This hypothesis shall be
validated roughly now. The voltage across Q1 in this interval can be approximated with

vDS1 = (Vsn0 − VDC) · cos(ωdt) + VDC (5.4)

and leads to its derivative as

˙vDS1 = −ωd · (Vsn0 − VDC) · sin(ωdt)
= 9.01 · 106 1/s · (835 V − 765 V) · sin(9.01 · 106 1/s · 140 ns)
= −600 · 106 V/s.

(5.5)

With Ccoss1(VDS1) ≈ 1 nF, this leads to a displacement current of

iD1(140 ns) = Ccoss1 · ˙vDS1

= 1 nF · (−600 · 106 V/s) = 0.6 A
(5.6)

which is about 10 times lower than the current fluctuation at 200 ns, see Fig. 5.8, which
is 140 ns after turning on Q1. Hence, the change in the snubber voltage does not lead to
the measured effect in the drain-source current. Another effect to be mentioned can be
noticed as an oscillation of about 6 MHz in the current of both snubber setups after the
switching event for t > 300 ns, see Figs. 5.8 and 4.12. Since various effects are observed,
a closer look at these effects is necessary in order to assess how sensitive the measured
values react to these effects.
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Examination of the measured current effects
In both the 350 A and the 50 A turn-off measurement, effects in the drain current can
be observed, which cannot be explained by the expectable circuit behavior based on Fig.
3.4. Hence, other influences not considered yet might have a significant influence.
First, all observations are collected below.

1. The absolute value of the unexplained noticed or expected disturbances seems to
be constant. This follows from a comparison of Figs. 5.7 and 5.8, showing that the
amplitudes noticed do not scale with the load current. Immediately, this allows to
focus on the low load current operation where the effects are more pronounced.

2. A drain current peak occurs with the active snubber not shown with the DC-snubber
at the point in time at which Qaux is turned on, see t = 60 ns in Fig. 5.8.

3. The drain current fluctuates with the active snubber and not with the DC-snubber
between the turning on of Qaux and turning off Q2, see 60 ns < t < 210 ns in Fig.
5.8.

4. While the conventional halfbridge shows a significant current drop during the whole
voltage slope, cf. iD2HB in Fig. 5.8, the current drop at the DC-snubber is less
pronounced in spite of a steeper voltage slope. The drain current iD2SN even seams
to increase, see 210 ns < t < 280 ns in Fig. 5.8. Further, the active snubber current
iD2AS shows a clear increase during the voltage slope.

5. While at the conventional halfbridge iD2 goes straight through its zero crossing,
both the DC- and active snubber current starts flattening at approximately 290 ns,
cf. Fig. 5.8. Both drain currents are shaped similar as a tail current or a beginning
oscillation. However, assuming an oscillation, it can be noticed that both currents
are very similar until t = 400 ns and then start deviating. Further, neglecting the
higher superimposed frequency, the drain current at the conventional halfbridge also
fluctuates after its zero crossing.

6. By analyzing Fig. 4.12 between 160 ns < t < 210 ns, the sinusoidal shape of ilink
and isn starts deviating during the voltage slope. After the drain-source voltage
has risen to the snubber voltage, ilink and isn equalize again until 230 ns when the
calculated iD2 crosses zero.

7. Further, analyzing Fig. 4.12 focusing on 320 ns < t < 670 ns, the drain current
oscillates at approximately 6 MHz. This is related to the measured currents ilink
and isn showing an antiphase oscillation in the measured currents considering (4.2).

Initially two basic assumptions can be made leading to different approaches for further
investigation. Firstly, it can be assumed that the measured drain current is true and
the measurement can be trusted. Hence, the resulting loss estimation for the switching
event would be correct. The effects seen might be caused through external components
or parasitics not included in the equivalent circuit according Fig. 3.4 or due to the non-
linearities of the MOSFETs.
Secondly, the measurement itself can be questioned. As already mentioned on Page 55,
the used Rogowski coil cannot resolve the high current slopes. Further, described in
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Sect. B.2, the voltage probes and the used coaxial shunt are connected to a common
potential at the oscilloscope. While the voltage probes are equipped with common-mode
chokes implemented as ferrites to suppress circular currents through the probe wires, this
might be not sufficient to suppress circular currents in total. An overview of all evaluated
hypotheses is given below:

1. Measured current values are assumed to be true. Thus, the effects might be related
to

• a difference in the two parallel snubber paths, cf. Fig. 4.6. Tolerances between
the two capacitors might result in an oscillation between both. Because the
current of only one snubber path is measured, cf. Sect. B.2, this oscillation
would result in a misinterpretation of the calculated drain current.

• a non-ideal load inductor showing a more complex frequency behavior as it
can be assumed for an ideal infinite inductance. The load inductor might have
parasitic capacitances leading to oscillations or displacement currents due to
the high voltage slope.

• the connection between the analyzed power module and the load inductor.
The connection is implemented as laboratory wires connected to a 3 m two-
wire cable going to the load inductor. This manner of connection might result
in propagation effects, reflection at the load inductor or cable charge currents.

2. Measured current values are assumed to be false. Thus, the effects might be related
to

• wrong measurement of the Rogowski coil related to
– its low bandwidth of 30 MHz.
– a propagation delay caused by the device integrator circuit.
– inductive couplings into the coil placed in close proximity to the bond

wires, see Fig. B.2.2, directly influencing the measured signal.
– capacitive couplings into the coil placed in close proximity to the bond

wires, see Fig. B.2.2, indirectly influencing the measured signal by causing
a circular current flowing through the cable shield to the oscilloscope.

• wrong measurement of the coaxial shunt related to
– circular currents through the coaxial cable connected to the common os-

cilloscope potential.
– non-optimal 50 Ω signal termination.

• a misalignment in the corrected deskew of both measured current probe signals.
• a small deviance in the amplitudes of both used current probes.

Because the used current probes are already the best suitable choice available on the mar-
ket for this purpose and the measurements have been carried out carefully to suppress
unwanted effects in a best-can-do manner, further evaluation is done by simulation. To
achieve most trustworthy results, a complex simulation using a complex parasitic model
of the module and a non-linear MOSFET model has been used for investigation. The
comparison of the simulation with ideal signal probes is shown in Figure 5.9. The com-
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Figure 5.9: Comparison between real measurement and ideal simulation for alignment at
50 A

parison indicates that the assumption of a true drain current being less than the measured
value seems to be correct, cf. iD2meas and iD2sim. Hence, a much smaller switching loss
than measured in Sect. 5.3.3 can be expected. Additionally, the simulated drain current
does not show a fluctuation before the switching event as well as no oscillation afterwards.
A further remarkable point can be noticed in the snubber and DC-link current between
320 ns < t < 650 ns. Neglecting the 6 MHz oscillation, the simulated DC-link current is
above the measured signal and thus, it is more close to the model, cf. Fig. 4.12. How-
ever, comprehensive variations of the simulation considering different load connections,
parasitic load capacitances, circular currents through non-ideal probe cable shields were
performed. None of the investigated parameter variations have shown a plausible cause
for either the higher DC-link current nor the 6 MHz oscillation.
It was found that the hypotheses based on the assumption of true measurement values
have shown that a difference in the two parallel snubber paths within a reasonable range
of capacitance tolerances does not reproduce the effects neither quantitatively nor qual-
itatively. A non-ideal load modeled as an inductor with a parallel capacitance in the
range of 100 pF to 1 nF and a non-ideal 3 m transmission line connection to it resulting
in an oscillating drain current after the turn-off event with a similar shape and frequency.
However, both ilink and isn are in phase and not in anti-phase as shown in Fig. 4.12.
Hence, the hypotheses assuming a true measurement did not explain the effects.
Contrary to that, the hypotheses assuming false measurement values have led to more
promising results, although only the drain current fluctuation before the switching event
could be reproduced qualitatively. To evaluate the influence of the Rogowski coil, the cur-
rent measurement was simulated with a 1 mΩ shunt decoupled with a voltage controlled
voltage source and a transmission factor of 1000. The resulting signal was filtered with
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Figure 5.10: Comparison between real measurement and simulation with a 30 MHz low-
pass filtered Rogowski coil and signal deskew at 50 A

a first order low-pass filter designed with a corner frequency of 30 MHz. The resulting
phase delay of isn was compensated during post processing to values between −10 ns and
5 ns leading to the results shown in Fig. 5.10. It can be seen that the first initial peak, cf.
Fig. 5.8 at t = 60 ns as well as the fluctuation until 200 ns could be reproduced. However,
the fluctuation is significantly influenced by the deskew of the measured snubber current,
the shape of the measured signal still differs. Further, the higher measured drain current
and the 6 MHz oscillation could not be reproduced by various circuit variations. Because
no parameter variation could finally clarify the difference it should be discussed in future
work. Therefore, only the measured value can be taken as valid, which is used in subse-
quent chapters.

5.2.2 Comparison of the Turn-On Event
Comparing the turn-on event for the three setups is subject of this section. The overlay
for the 350 A operation point is shown in Figure 5.11 and for 50 A in Fig. 5.12 respectively.
As investigated in Section 5.1.2, the conventional halfbridge was turned on with a gate
resistor of RGon = 1 Ω limited by the overvoltage during diode recovery. Both snubber
circuits were switched with a gate resistor of 0.5 Ω.

The first remarkable point in both 350 A and 50 A load current operation is a current
fluctuation in iD2AS right before the turn-on occurs and the drain current starts increas-
ing. It can be noticed that this fluctuation only occurs in the active snubber setup for
t < 30 ns but not in the DC-snubber and conventional halfbridge setup. Because the
auxiliary switch in the active snubber setup is in off-state during turn-on, its output
capacitance is in series to the snubber capacitor. Because it is much smaller than the
snubber capacitor it dominates the effective capacitance of the snubber path. Consider-
ing its voltage dependence, cf. Fig. 4.9 for a single die, its capacitance can be modeled



96 5 Setup Comparison

0 50 100 150 200 250 300
0

200

400

600

800

1,000

t [ns]

v D
S2

[V
]

0

100

200

300

400

500

i D
2

[A
]

vDS2HB

vDS2SN

vDS2AS

iD2HB

iD2SN

iD2AS

Figure 5.11: Turn-on comparison for LσOn = 37 nH at 350 A

with a capacitance approximately in the range of 600 pF to 6 nF. Thus, turning on the
power switch Q2 leads to a voltage drop across the main stray inductance similar to the
halfbridge. However, this voltage drop occurs also at the auxiliary switch, cf. Fig. 3.2
for t1 < t < t4 and thus at its output capacitance. This causes a displacement current
subtracted from the load current and thus, decreases the drain current of Q2. The DC-
snubber setup is not affected due to the buffering effect of the large snubber capacitor.
This can be noticed in the drain-source voltage in both Figures, 5.11 and 5.12. The
voltage drop in vDS2SN, noticeable around 50 ns, is caused by a depletion of the snubber
capacitance due to the commutation current.
By analyzing the current slope, it can be seen that the DC-snubber has the highest current
gradient. The active snubber setup and the conventional halfbridge show a lower gradient.
This can be explained with the lower voltage gradient also. As described in Section 2.3.1,
the miller capacitance causes a displacement current during the voltage gradient which
counteracts the driver influence. If the voltage gradient is less, the driver can turn-on
the channel faster. However, the higher iD2SN current slope does not affect the turn-on
losses in a positive way compared to the two comparative setups. The voltage drop over
the main stray inductance is a more effective way of turn-on loss reduction as it can be
seen also in Fig. 5.25, especially if it is considered that the switching speed cannot be
increased much more.
It can also be seen that the conventional halfbridge shows the highest peak current while
the DC-snubber setup shows the lowest. However, by comparing this value with the mea-
sured values in Section 5.2.3, a significant difference can be noticed related to the different
used active switch as explained on Page 98.
For both operation conditions shown in Figures 5.11 and 5.12, all setups show an oscilla-

tion in the drain current after the current peak. While the oscillation in the conventional
halfbridge setup has the highest amplitude but lowest frequency, both snubber setups
shown only a minor amplitude but higher frequency. The oscillation of the conventional
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Figure 5.12: Turn-on comparison for LσOn = 37 nH at 50 A

halfbridge is caused by the well-known oscillation circuit formed by the stray inductance
and the output capacitance of the switch and results in

fHB = 1
2π

√
LσOnCoss1

= 1
2π

√
37 nH · 1 nF

= 26.2 MHz. (5.7)

Similarly, the oscillation of the snubber circuits can be calculated by considering the much
smaller effective stray inductance Lsnhb according (3.18)

fSN = fAS = 1
2π

√
LsnhbCoss1

= 1
2π

√
3 nH · 1 nF

= 92 MHz. (5.8)

However, the signal is not pure sinusoidal and the oscillation is interfered by other fluc-
tuations.

Further, another high frequency oscillation can be seen in the current of the active
snubber setup. The oscillation to be analyzed can be noticed for a time above t5 = 160 ns
in Fig. 5.11 and for t5 = 220 ns in Fig. 5.12. As predicted by the model and shown in the
Sections 4.2 and 4.3, the main stray inductance is charged by the reverse recovery peak
current. Its energy commutates into the snubber after the switching event. The voltage
difference between the snubber and the DC-link capacitor counteracts this commutation.
Because the snubber capacitor is not charged up to a significant voltage in the shown
switching event shown in Figure 5.12, the duration until vsn reaches its maximum is
longer. After the commutation is finished, the body diode of the auxiliary switch goes
into blocking state and thus its output capacitance is charged to the voltage difference
between the snubber and DC-link capacitor. Hence, an oscillation circuit is formed by
the stray inductance Lsnhb and the output capacitances of Q1 and Qaux connected in
series. Outgoing from a voltage difference of CossAux ≈ 50 V and considering the voltage
dependent capacitance of each of the two auxiliary switch MOSFETs according to Fig.
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4.9 an effective capacitance of Ceff ≈ 550 pF for the series connection of Coss1 and CossAux
can be approximated. This leads to an oscillation frequency of

fAS(t > t5) = 1
2π

√
LsnhbCeff

= 1
2π

√
3 nH · 550 pF = 124 MHz (5.9)

fitting very well to the frequency measured.

5.2.3 Comparison of the Diode-Recovery Event
Finally, the overlay of the diode recovery events are depicted in the Figures 5.13 and
5.14. It should be mentioned that the switched semiconductor was chosen to be Q1. This
was done to keep the analyzed switch Q2. Further, for this configuration the shunt used
for measuring ilink does not have to be changed because of the reference potential of the
passive voltage probes, see Appendix B.2.
Focusing on the current waveform of the reverse recovery, the curves show basically a
similar shape despite of higher frequency oscillations superimposed to the drain current
of the different setups. Analyzing the time span and the frequency of the superposition,
similar frequencies can be found pointing to the same oscillation circuits as root cause.
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Figure 5.13: Diode recovery comparison for LσOn = 37 nH at 350 A

In both operation points, for a load current of 350 A and 50 A, the voltage waveforms are
identical for all setups up to a drain-source voltage of 400 V, cf. Figs. 5.13 and 5.14. For
voltages above this value, the setups differ. In Section 5.2.2 the difference in the voltage
drop during the turn-on has been elucidated. The drain-source voltage waveform in e.g.
Figure 5.11 indicates, that for the active snubber setup and the conventional halfbridge
approximately the total DC-link voltage is across the main stray inductance. Thus, for
the conventional halfbridge the voltage waveform during diode recovery follows from the
interaction between the stray inductance, its voltage and the diode behavior. Assuming a
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similar behavior of the body diode in all setups due to the equal semiconductor technology,
the following hypothesis can be made. As described in Section 2.1.2, see Figure 2.3, the
carriers are extracted and allow an electric field in already depleted regions. The field
accelerates the charge carriers in the depicted directions and thus, the electric field has a
direct influence on the speed and the depletion current. With the conventional halfbridge,
the comparatively large effective stray inductance Lmain causes a larger voltage and thus
a larger current in the diode. The diode depletion speed increases due to higher carrier
acceleration and the resulting higher current change causes a higher voltage at the stray
inductance. This positive feedback loop causes the highest voltage overshoot with the
conventional halfbridge setup.
At the active snubber setup, the auxiliary switch sees the large voltage drop across the
main stray inductance also as described in the previous section. After the reverse recovery
peak occurred, the current decreases. The high voltage across the auxiliary switch has to
decrease rapidly and with the output capacitance of the auxiliary switch, a slight buffering
effect can be noticed in the drain-source voltage of the active snubber setup until it
diverges from the voltage waveform of the halfbridge setup. This occurs approximately at
a drain-source voltage of 600 V. The negative current slope of the drain current causes a
voltage increase across the main stray inductance. Due to the body diode of the auxiliary
switch, this voltage is limited to the voltage of the snubber capacitor.
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Figure 5.14: Diode recovery comparison for LσOn = 37 nH at 50 A

Hence, the voltage at the body diode of Q2, determining the waveform, is strongly
reduced compared to the conventional halfbridge. With the above mentioned hypothesis,
the electric field accelerating the charge carriers within the drift region is lower and thus,
the charge carriers are accelerated weakly leading to a much smoother, less harsh, recovery
behavior.
Additionally to the lower voltage reducing the losses, the reverse recovery of the DC-
snubber setup benefits from a more depleted snubber capacitor, which has provided the
commutation current. The reduces snubber voltage further decreases the initial voltage
peak.
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5.3 Behavior within Operation Range
Goal of this chapter is to evaluate and compare the behavior of the three introduced
setups over a wide range of DC-link voltages and load currents. If not specified otherwise,
each diagram is plotted at a DC-link voltage of 750 V, at a load current of 350 A and
with the gate resistors shown in Table 5.2. All dynamic values are depicted for a main
stray inductance of 37 nH and 47 nH to evaluate the influence according to the research
questions.

5.3.1 Voltage Gradients
First, the maximum voltage gradients during the voltage slope of the switching event
are discussed. To determine the maximum gradient considering noise, a window of 10 %
of the nominal voltage was slided over the slope and the maximum value was taken as
measurement value. Due to various oscillations, the commonly used value from 10 % to
90 % suffers from non-static measurement curves. The corresponding measurement val-
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ues are shown in Figure 5.15 and Figure 5.16. Due to the restricted switching speed of
the conventional halfbridge, the achievable voltage gradient is limited to values below
20 GV/s. In Figure 5.15, only a small dependence on the load current can be noticed for
the conventional halfbridge. Contrary, both snubber setups show a significant dependence
at load current values below 200 A which flattens for higher current values. In Section
2.3.2, quasi soft switching was explained with a high voltage gradient that causes signif-
icant current through the output capacitance. While this displacement current is also
provided by the constant load current, a limited voltage gradient is consequence. Thus,
at lower load current values, the transition is controlled by both the channel as well as the
displacement current limited by the load current. At higher load currents, the quotient
of current and output capacitance allows higher gradients.
Further, it can be seen that due to the equal gate resistor, the stray inductance for the con-
ventional halfbridge has only minor influence. At both snubber setups, with equal gate
resistors, the voltage gradients are very similar. However, both setups show a slightly
higher gradient at 47 nH as for 37 nH especially at the DC-Snubber setup. By comparing
the waveforms of the (not depicted) 47 nH DC-Snubber setup with the 37 nH DC-Snubber
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setup no difference in the DC-link current value was found. Additionally, the current gra-
dient is close to zero during the voltage slope so the displacement current through the
output capacitance can be neglected as well. Hence, no immediate influence from the
stray inductance can be observed. However, the snubber current at 37 nH suffers from
higher oscillations in the 90 MHz range, which do not appear at the 47 nH setup. This
allows to draw the conclusion that the difference in the voltage gradient shown in the
corresponding figure is related to device specific tolerances.
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Figure 5.17: dv/dtmax over ILoad for turn-on
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Figure 5.18: dv/dtmax over Vdc for turn-on

Due to the voltage drop over the stray inductance, the absolute value of the voltage
gradients at the turn-on event is not similar to the corresponding gradient at diode reverse
recovery. Hence, both gradients have to be analyzed separately. The gradients for the
turn-on event are shown in Figures 5.17 and 5.18. As noted in Section 2.3.1 a larger stray
inductance is beneficial at turn-on due to a higher voltage drop. As it can be seen in both
figures, besides the halfbridge setup using different RGon, the setup with higher stray
inductance causes a more negative voltage gradient. Due to the higher voltage overshoot
at diode recovery, cf. Figs. 5.3 and 5.4, a higher gate resistor has to be used for the
halfbridge with 47 nH to keep the voltage overshoot below the maximum specification of
the semiconductor. As a result, a larger stray inductance cannot be utilized for a quasi
soft turn-on and higher turn-on losses can be expected, see Sect. 5.3.3. Contrary to that,
the active snubber setup provides a large stray inductance during the positive current
slope but a small stray inductance for diode recovery. Thus, for both evaluated stray
inductances the same gate resistance value can be used and thus, the influence of the
stray inductance can also be utilized.
Further, it can be noticed that for both - the conventional halfbridge as well as the active
snubber setup - the dependence on the load current is negligible, while a higher DC-link
voltage causes a higher absolute value of the voltage gradient. Focusing on the DC-
snubber setup, a significant influence of the load current can be noticed as well as a more
distinct influence of the DC-link voltage. To evaluate the effect, the DC-snubber values
in Figures 5.11 and 5.12 are compared with Figures 5.13 and 5.14. It can be noticed that
the voltage buffering effect of the DC-snubber with the small effective stray inductance
Lsnhb is significant. Thus, both switches, Q1 and Q2 share a significant voltage at the
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same point in time during the switching event. Contrary to that, for an ideal quasi soft
turn-on where the negative voltage slope of the turning on Q2 and the positive voltage
slope of the turning off Q1 appear consecutively. As a result, the voltage slope of the
turning on switch for the DC-snubber setup is significantly influenced by the behavior of
the body diode.
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Figure 5.19: dv/dtmax over ILoad for diode
recovery
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Figure 5.20: dv/dtmax over VDC for diode
recovery

Finally, the voltage gradients for the diode recovery are discussed. The corresponding
values measured are shown in Figures 5.19 and 5.20. It can be noticed that for all setups
a maximum value can be measured at a load current of 200 A. Additionally in all setups
a higher stray inductance leads to a higher voltage gradient. By analyzing the switching
curves, it could be found that similar to the halfbridge and the DC-snubber setups the
highest voltage gradient occurs also at the active snubber setup at a point in time very
close to the appearance of the maximum recovery peak current. According to [124], the
body diode builds up voltage once the bipolar plasma is extracted. Hence, the increasing
voltage is directly caused by charging the capacitive part of the body diode, see also
Section 2.1.2. However, this effect may differ if another semiconductor is used, see [127].
The dependence on the stray inductance can be derived with (3.25) to (3.28), which
model the transition at the point in time where the zero crossing of the body diode current
occurred as an oscillation. Neglecting the more complex behavior due to the charge carrier
extraction behavior and the voltage dependent capacitance, the model predicts a longer
oscillation period at a higher stray inductance values. Thus, assuming a similar amount
of charge to be recovered, a longer oscillation period causes a lower reverse recovery peak
current to not infringe the rule of charge conservation.
A further remarkable point is the more significant influence on the voltage gradient of
higher DC-link voltages for the active snubber setup. By analyzing the corresponding
switching curves, a significant difference in the reverse recovery peak current can be
noticed, which is explained in the following Section 5.3.2.
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5.3.2 Reverse Recovery Peak Current
It has been stated that the reverse recovery peak current is a significant parameter to the
turn-on model of the active snubber, see P. 41. While the influence of the stray inductance
value for the conventional halfbridge is comparatively small as shown in Figures 5.21 and
5.22, its influence at both snubber circuits is significant. However, while the DC-snubber
shows a significant decrease of Irrm with increased stray inductance, the active snubber
circuit shows an opposite behavior. By analyzing the switching curves, it can be found
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Figure 5.21: Irrm over ILoad
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Figure 5.22: Irrm over VDC

that at the setup with Lres = 37 nH a higher frequency oscillation with significant am-
plitude is superimposed especially to the current waveform of the DC-snubber setup, cf.
also Fig. 5.13. This oscillation causes a difference in the measured value of Irrm while
an averaged current waveform is very similar to the 47 nH setup. However, comparing
the peak current of both snubber setups with a stray inductance of 47 nH, which is less
affected by the oscillation, a difference can be noticed. The DC-snubber setup shows
significantly less peak current compared to the active snubber setup. The analysis for
the 47 nH setup at a load current of 350 A and a DC-link voltage of 750 V shows a re-
verse recovery charge of QrrAS = 3.5 µC for the active snubber and QrrSN = 0.8 µC for
the DC-snubber setup. A possible explanation might be derived from (3.25) to (3.28).
While for the active snubber approximately the total DC-link voltage is across the main
stray inductance Lmain, the buffering effect of the DC-snubber and a lower effective stray
inductance Lsnhb cause the already mentioned voltage drop across the turning on Q2. In
conclusion, the stray inductance Lsnhb sees a lower voltage. Hence, the active snubber
setup can be modeled as an LC-circuit with a large stimulus from the DC-link voltage
VDC across the stray inductance modeled by (3.28) leading to a higher A34. Differently,
the DC-snubber setup modeled similarly with an LC-circuit sees a much lower stimulus
due to the buffering effect. As a result, the oscillation triggered in the DC-snubber circuit
has a lower amplitude.
Additionally, the DC-snubber setup shows no or even a slightly negative dependence on
the load current while the dependence of the active snubber setup is slightly positive, see
Fig. 5.21. As mentioned in Section 4.3 the assumption that the total DC-link voltage is
across the main stray inductance is not true for lower current values due to an overlap
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in the defined intervals, see Sect. 4.3. As a result, with the previously stated LC-circuit
approximation, the stimulus is less for lower currents and increases with higher load cur-
rents.
The DC-snubber setup shows no (37 nH) or a slightly negative (47 nH) load current de-
pendence of Irrm. This can be explained together with the positive dependence on the
DC-link voltage of Irrm as shown in Fig. 5.22. Because the inductance Lsnhb is much
smaller than Lmain, the commutation current is provided by the snubber capacitor, which
is discharged to a lower voltage. Because of a higher stray inductance Lmain to the DC-link
capacitor the snubber has to provide more charge as with lower Lmain where the DC-link
capacitor can provide more. As a result, the effective voltage across the halfbridge ap-
proximately equal to the snubber voltage vsn during diode recovery is also lower and thus,
the dependence of Irrm according to Fig. 5.22 determines this effect.

5.3.3 Switching Losses
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Figure 5.23: Woff over ILoad
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Figure 5.24: Woff over VDC

The switching losses for turn-off are shown in Figures 5.23 and 5.24. It can be seen that
all turn-off loss curves increase approximately linear with the load current and DC-link
voltage. Further, the conventional halfbridge shows similar losses at both stray induc-
tances, which relates to the equal gate resistors of 5 Ω. Additionally, the losses at both
snubber circuits show approximately the same losses at each stray inductance, which fits
to the very symmetric overlay according Figures 5.7 and 5.8. This also indicates that
the active snubber shows very similar behavior as a DC-snubber with similar capacitance
Csn. Both Figures indicate also that especially at high current values the conventional
halfbridge suffers from excessive losses, which can be explained by the non-optimal prod-
uct of stray inductance and load current, see Sect. 2.2.2. Contrary to that, both snubber
circuits are less affected, due to the comparatively low effective stray inductance Lsnhb
provided by the snubbers.

The turn-on losses are compared in Figures 5.25 and 5.26. Both show that the active
snubber setup strongly benefits from the asymmetric stray inductance, which is much
higher at turn-on and the losses are close to zero. Further, it can be seen that the
conventional halfbridge cannot utilize this benefit due to the switching speed limitation
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Figure 5.26: Won over VDC

with respect to the overvoltage during diode recovery. The two stray inductance values
have to be switched with different turn-on gate resistors and thus, the setup shows higher
losses at a higher stray inductance while the active snubber does not suffer from a limited
switching speed. Focusing on the DC-snubber setup, it can be noticed that the small
effective stray inductance Lsnhb strongly increases the losses even with a low gate resistance
value. The change from 47 nH to 37 nH also increases the losses significantly.
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Figure 5.27: Wrec over ILoad
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Figure 5.28: Wrec over VDC

The losses during diode recovery are shown in Figures 5.27 and 5.28. The conventional
halfbridge does not show a significant dependence on the load current as well as on the
DC-link voltage. Only a weak dependence on the stray inductance in spite of different
gate resistors can be noticed. For both snubber setups, a lower stray inductance is ben-
eficial for the recovery losses. This is related to the lower stimulus of the LC-circuit as
described in Section 5.3.2. Additionally, the lower voltage increase at the DC-snubber,
cf. e.g. Fig. 5.13 for t > 140 ns leads to lower losses compared to the active snubber.
However, the losses of all setups are comparatively low compared to the turn-off losses,
see Figs. 5.23 and 5.24. A further effect that should be discussed is the significant posi-
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tive dependence of the active snubber losses on the DC-link voltage while the DC-snubber
and the conventional halfbridge does not seem to be affected. Analyzing all corresponding
switching curves indicate that this effect is related to the method of analysis based on
[128]. The energy is calculated by integrating the power from the zero crossing to the
point in time after the reverse recovery peak where the current is equal to 2 % of Irrm. The
current of the conventional halfbridge suffers from high amplitude oscillations and thus,
the 2 % value is reached approximately simultaneously for both stray inductances. Hence,
the loss-integral shows also a similar value. The DC-snubber setup shows an identical
overlay to the halfbridge of the drain voltages until Irrm occurred. After the occurrence of
the current peak, the current waveform shows a tail also superimposed by an oscillation
but with less amplitude compared to the halfbridge. Nevertheless, the 2 % Irrm value is
reached also simultaneously.
The independence on the DC-link voltage of the DC-snubber setup as well as its low value
compared to the other setup is related to the voltage waveform. A similar load current
causes also a similar depletion of the snubber capacitor. By comparing Figure 5.13 with
5.14, it can be noticed that at both load current values the drain voltage value rises
rapidly to approximately 400 V. Additionally, this value is independent of the DC-link
voltage. However, after reaching the 400 V, at higher DC-link voltages a much slower
voltage increase is shown. This much slower voltage increase relies on the DC-link voltage
and causes a similar energy loss for each DC-link voltage.
Analyzing the active snubber shows that the voltage rises rapidly to a much higher value
of about 650 V, see e.g. Fig. 5.13 at t ≈ 140 ns. Afterwards, the body diode shows a tail-
current similar to the DC-snubber but the energy from the stray inductance commutates
into the snubber capacitor. The increasing snubber capacitor voltage is very similar to
the voltage across Q1 due to the small Lsnhb. Hence, the charging process of the snub-
ber capacitor in the active snubber circuit causes a higher voltage vDS1 and thus higher
recovery losses at the body diode.
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Figure 5.29: Wswtot over ILoad
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Figure 5.30: Wswtot over VDC

To answer the research question whether a larger stray inductance might be positive
for the total switching losses, the total losses are shown in Figs. 5.29 and 5.30. First,
it can be noticed that the change in the stray inductance has no significant influence on
the conventional halfbridge which confirms the finding in [22]. Both snubber setups show
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lower total losses with lower stray inductance. Thus, a higher main stray inductance Lmain
is not reasonable. However, considering the DC-snubber as a DC-link capacitor with an
effective stray inductance of Lsnhb = 3 nH and considering Fig. 5.25, showing that with
Lmain = 47 nH the turn-on losses are already close to zero, there must be an optimal value
between 37 nH and 3 nH leading to the lowest total losses. Finding this optimal value
should be part of future investigations.
Another remarkable point can be observed by extrapolating the total losses to lower load
current values. The extrapolation indicates that at very low load currents both snubber
setups have higher total switching losses, which is mainly related to the turn-off losses,
cf. Fig. 5.23. However, as discussed in Sect. 5.2.1, there is an unexplained effect, which
might lead to higher current values during the turn-off voltage slope. Hence, it is unclear
whether the switching losses at lower current values can be trusted.

5.3.4 Damping Losses
In this section, the measured values of the damping losses are discussed. To evaluate
the damping losses, the oscillation with the highest amplitude has been analyzed by
fitting the mathematical expression for a damped oscillation to the signal as explained on
Page 51. From this fit, the effective damping resistor has been calculated and is used to
obtain the damping losses. However, this method cannot be applied to the active snubber
current because the duration of the exponentially damped signal is interrupted by the
switching event and thus, the fit cannot be done with reproducible accuracy. Therefore,
the following method has been used for the active snubber. Because the frequency of
the active snubber oscillation is very similar to the oscillation of the DC-snubber setup
it is assumed that a very similar effective damping resistance results due to skin and
proximity effect. Hence, as explained in Sect. 4.1.4, the effective damping resistor derived
from the otherwise identical DC-snubber setup is modified by the on-state resistance of
Qaux to obtain the damping resistance of the active snubber setup. The results for the
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Figure 5.32: WdampOff over VDC

turn-off event for all setups are shown in Figures 5.31 and 5.32. It can be seen that
the energy damped in the conventional halfbridge setup is negligible is spite of the high
voltage amplitude. The high voltage amplitude is related to the small output capacitance
Coss compared to the snubber capacitance Csn. The two snubber setups don’t show a
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dependency on the DC-link voltage, which is related to the use of a very linear class
I snubber capacitor, see Section 4.1.1. The DC-snubber shows an expected quadratic
dependency on the load current, see (2.28). This results in damping losses within a range
very similar to the corresponding turn-on and turn-off losses. Contrary to that, the active
snubber shows only a weak dependence on the load current. This was also predicted by
the model, cf. Fig. 4.21. However, the validity of this absolute measurement value for
continuous operation can be challenged as already explained in Chapter 4. However, the
measured damping losses for the double pulse measurement, cf. Fig. 5.31 at ILoad = 350 A
are very similar to the model prediction shown in Fig. 4.15. Nevertheless, the losses are
significantly reduced compared to the DC-snubber and fits also very well to the prediction
in Fig. 4.15. Additionally, they also show only a small or even negligible dependence in
the used stray inductance.

100 200 300
10−2

10−1

100

ILoad [A]

W
da

m
p

[m
J]

HB47nH HB37nH
SN47nH SN37nH
AS47nH AS37nH

Figure 5.33: WdampRec over ILoad
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Figure 5.34: WdampRec over VDC

A similar result can be seen for the turn-on or diode reverse recovery shown in Figures
5.33 and 5.34. Similarly, the losses show only a negligible dependency on the DC-link
voltage. Further, especially for higher load current values, the damping losses for the
conventional halfbridge as well as the active snubber setup are negligible which stays
in contrast to the damping losses of the DC-snubber setup (note the log-scaled y-axis).
While at the conventional halfbridge setup, the energy in the stray inductance commutates
into the output capacitance and causes a significant voltage overshoot, this overvoltage
is clamped to the snubber voltage by the body diode of the auxiliary switch becoming
conductive. Hence, a significant amount of energy is prevented from contributing to an
oscillation and thus is not dissipated. Therefore, the damping losses of the active snubber
setup are less compared to the halfbridge setup.
Most significant is the much lower damping loss of the active snubber compared to the
DC-snubber, cf. Fig. 5.33. Comparing this result to the model prediction in Fig. 4.18
indicates that the model predicts much higher losses. An overestimation of the losses has
already been explained on Page 61. Additionally, the measurements were performed as
double pulse and thus, the snubber voltage has not been converged to a steady state.
Hence, the damping losses might differ during continuous operation. Contrary to the
active snubber deviation between measurement and model, the DC-snubber measurement
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fits very well to the model prediction, cf. Figs. 4.15 and 4.18 to Fig. 5.33. As a result,
this proves the active snubber capability of being used at higher load current applications.

5.3.5 On-State Resistance
To be able to calculate an inverter operation as described in Section 5.4.1ff., this section
is about the static behavior of the used MOSFET devices. In Figure 5.35 the channel
characteristic of the used semiconductor setup is shown. The measurements with turned
on channel in both directions (blue) are done with a gate-source voltage of VGS = 18 V and
the body diode with a VGS = −5 V (red). The forward conducting channel from drain to
source (DS) shows a slight non-linear measurement VDS, which might be related to short
channel effects, see Section 2.1.3. As a result, the on-state resistance becomes a function of
the drain-source voltage. Contrary to that, the inverse direction with VSD considering the
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source-drain path, shows a more independent behavior of the drain-source voltage. The
comparatively high voltage across the source-drain path by turned-off channel is caused by
the body diode. To reduce conduction losses in inverter operation this necessitates the use
of the channel during free wheeling by turning on the device. It should be noted that the
on-state resistance is also a function of temperature [129, 130]. However, because in Sect.
5.4, an achievable inverter output power is estimated also for an optimized semiconductor
with less breakdown voltage for which a temperature dependency cannot be predicted
yet, this dependency is neglected for the sake of simplicity.

5.4 Achievable Output Power for Inverter Operation
As shown in Section 5.3.3, the active snubber setup allows a significant reduction of
switching losses. In Section 4.6, it has been stated that the damping losses during the
snubber oscillation can be significantly reduced at continuous operation compared to a
DC-snubber, which is supported by the measurements shown in Section 5.3.4.
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With respect to the research question, see Page 5, the influence of the active snubber on
the system performance still needs to be quantified. The setups build for model validation
introduced in Sect. 4.1, are used in this chapter to dimension a hypothetical drive inverter
application. The goal is estimating the achievable output power at a constant DC-link
voltage of VDC = 750 V.
As introduced on Page 11, the specific on-resistance strongly depends on the desired break-
down voltage of the MOSFET device. Thus, the significant effect on voltage overshoot for
both snubber circuits may allow the usage of an optimized device with smaller RDSon. This
is considered by dimensioning a hypothetical inverter with optimized MOSFET devices
according to the relative change in specific on-resistance with reduced breakdown voltage
estimated with a reduction factor γ given by (A.197). The resulting parameters for this
optimized inverter shall give an extrapolation to potential enhancements achievable with
the active snubber.
The inverter setups shown in Table 5.3 were dimensioned and compared to each other.

Table 5.3: Calculated setups for comparison

Setup Name Abbreviation RDSon according to

Conventional Halfbridge HB Sect. 5.3.5
DC-Snubber SN Sect. 5.3.5

Active Snubber AS Sect. 5.3.5
DC-Snubber opt. SNo (A.197)

Active Snubber opt. ASo (A.197)

As shown in Section 5.3.5, the on-state resistance deviates with the direction of current
flow and whether the channel is opened or closed. For the inverter operation the following
operation mode is assumed. In forward conduction mode, the current dependent resis-
tance for the drain-source path according ’DS’ in Fig. 5.36 is used. Due to the higher
forward voltage with turned off channel, see 5.35, active free wheeling with turned on
channel with VGS = 18 V during reverse conduction is assumed.
Because the snubber setups show significantly reduced switching losses, it might be reason-
able to increase the switching frequency. According to [131], a higher switching frequency
might be positive for magnetic losses in the electric motor. Therefore, the inverter setups
are calculated for a commonly used switching frequency of fsw10 = 10 kHz as well as an
increased switching frequency of fsw30 = 30 kHz.
However, some parameters for inverter dimensioning have to be estimated. The thermal
resistance of both two power switches Q1 and Q2 as well as of the snubber capacitor rely
on the module assembly, thickness of thermal grease and the kind of external cooling,
see Sect. A.5. Further, besides the estimation of the optimized on-state resistance, its
potential temperature dependence relies on the device dimensioning and thus, cannot be
determined. Therefore, a temperature independent on-state resistance for the optimized
as well as for the regular MOSFETs using Fig. 5.34 is assumed to reduce uncertainties.

5.4.1 Evaluation of Losses
The achievable inverter output power is limited by the allowed semiconductor or snubber
capacitor temperature ϑJmax = ϑCmax = 150 ◦C. The corresponding losses are calculated
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in this chapter according the calculation scheme documented in Sect. A.6. This is done
up to a load current at which the devices reach their maximum temperature. Addition-
ally, the inverter operation is calculated for a common switching frequency of 10 kHz and
a switching frequency of 30 kHz to consider motor loss reduction, see [131] and thus, po-
tentially optimized overall system losses.
The total inverter conduction losses for a three phase setup with sinusoidal output currents
are depicted in Figure 5.37. The diagram shows the losses of a MOSFET with a conduction
characteristic according Sect. 5.3.5 and a MOSFET optimized for lower breakdown volt-
age and lower on-state resistance, see (A.197), as it can be used with both snubber types.
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Figure 5.37: Inverter conduction losses over
ILoad for non-optimized (NO)
and with optimized (WO) semi-
conductors

Both losses are calculated up to the high-
est current achievable with one of the men-
tioned setups due to the overvoltage sup-
pression. It can be seen that the op-
timized semiconductor allows about 22 %
higher current. However, the potential re-
duction of the on-state resistance accord-
ing to (A.197) cannot be achieved, which
is related to the switching losses as a part
of the total semiconductor losses. (2.7)
indicates that the on-state resistance is a
function of the critical electric field EC as
a function of doping, [43]p.97ff. Further,
the saturation current is also a function of
doping as indicated by (2.10). Hence, a
change in the switching behavior can be
expected for the optimized MOSFET com-
pared to the non-optimized MOSFET. Be-
cause a lower on-state resistance may result
in a higher transconductance, the load cur-
rent is reached faster and the switching losses might decrease. However, this dependence
cannot be quantified and thus, is neglected for the switching loss estimation. Hence, the
losses of the non-optimized MOSFET according Sect. 5.3.3 are used.

The switching losses for a frequency of fsw = 10 kHz are depicted in Fig. 5.38 and
for fsw = 30 kHz in Fig. 5.39 respectively. The conventional halfbridge shows stronger
dependence on the load current compared to both snubber setups. With respect to the
measured switching losses according Sect. 5.3.3, where recovery losses for the conventional
halfbridge are approximately constant, this dependence is dominated by the turn-off and
turn-on losses. Further, the DC-snubber is more affected by a higher load current than
the active snubber. This is mainly related to the much higher turn-on losses, cf. Sect.
5.3.3 and further underlines the beneficial influence from the main stray inductance on
active snubber setup during turn-on. A further remarkable relation is that both snubber
setups show higher switching losses compared to the conventional halfbridge at very low
current values below approximately 30 A. By comparing the losses measured, especially
Fig. 5.23, it can be seen that the decrease in switching losses for lower current values is
less compared to the conventional halfbridge. This effect has been discussed at the end
of Section 5.2.1, and may be related to the used measurement setup. The finally not
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Figure 5.39: Switching losses at fsw =
30 kHz

clarified higher measured drain current for both snubber setups might be lower resulting
in lower losses at lower load currents. However, it has been chosen to use the measured
values and in conclusion, the conventional halfbridge can utilize the voltage drop at Lmain
more effective for very low currents. Hence, both snubber setups might not be reasonable
for an application where the power module has to be dimensioned for a high peak load,
while the majority of operation time is only at a power slightly above zero.
Another potentially limiting factor is the snubber temperature related to the losses caused
by the capacitor ESR. As shown with (A.208) and (A.209), the losses of the chosen
capacitor with low loss class I ceramic are only a small part of the total damping losses.
As a result, the snubber temperature remains below ϑCmax = 150 ◦C as shown in Figs.
5.40 and 5.41. Hence, for both switching frequencies the snubber is not the limiting
device. However, while the used capacitor has a very small ESR of <4 mΩ, see Fig. 4.2,
the losses of a class II capacitor with much higher ESR, see Fig. 4.4, might lead to critical
temperature increase especially for the DC-snubber. Alternatively, a non-optimal thermal
dissipation, e.g. with a capacitor on driver board leading to a higher thermal resistance
from capacitor to heat-sink, might not be possible even with a class I capacitor. However,
it should also be considered, the thermal resistance RthSn was estimated making various
assumptions. Therefore, only a real inverter setup can finally show the feasibility of the
calculated setups.

For the chosen parameters, both figures show that the temperature of both snubber
setups remain uncritical. The increase of the temperature - and therefore the losses -
is much lower for the active snubber setup. Hence, the active snubber setup is suitable
for much higher output currents as already indicated in Section 4.8. Furthermore, in
contrast to the model prediction in Fig. 4.21, the damping loss at very low load currents
is not higher than the damping loss at the peak current value. Indeed, while this is also
a result of the measured damping losses, see Sect. 5.3.4, this result might need further
investigation because the measurement was only done at three different current values
limiting the accuracy for very low current values.
With respect to the switching frequency, it can be noticed that the DC-snubber setup
becomes critical at much lower current values. Extrapolating the DC-snubber temperature
with the model parameters from Table C.1 and the given calculation scheme, see Sect.
A.6, results in a critical current value of Irms = 505 A for 10 kHz and Irms = 293 A for
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Figure 5.41: Snubber temperature at
fsw = 30 kHz

30 kHz respectively. Contrary to that, the active snubber shows a limitation for currents
above Irms > 2500 A at 30 kHz and even higher for 10 kHz. Indeed, this value is only
hypothetical because the power module is not suitable for currents in this range and a
capacitor being effective for voltage reduction has to be designed much larger, which also
reduces the ESR and RthSn.

5.4.2 Achievable Inverter Output Power
In this section, the output power, achievable with a three phase setup build up with the
power modules introduced in Section 4.1 and the thermal assembly described in Section
A.5, is estimated according to Section A.6. Furthermore, an outlook is given for a DC-
and active snubber setup with an optimized MOSFET to evaluate the potential semicon-
ductor improvement, see Tab. 5.1.
The achievable output power for different configurations is depicted in Figure 5.42. The
conventional halfbridge is always used as reference.
First, the focus is kept on the operation at fsw = 10 kHz. The achievable output power

of the conventional halfbridge with considered to be temperature independent on-state
resistance was calculated to be 170 kW. Due to lower switching losses, the DC-snubber
setup reaches 23 % higher output power and the active snubber setup 43 % respectively.
While these are the expectable improvements using the same MOSFET technology, the
capability of optimizing the MOSFET allows further improvements. With respect to the
conventional halfbridge - which cannot be further optimized - the DC-snubber (SNo) offers
an improvement of 35 % more output power for fsw = 10 kHz. The active snubber (ASo)
shows an increased output power of 59 % to the conventional halfbridge, which answers
the research question to the influence on the system performance.
Changing the switching frequency from 10 kHz to 30 kHz significantly reduces the achiev-
able output power of the conventional halfbridge by 46 % to 91 kW. However, both snubber
setups with non-optimized MOSFETs are less affected with about 31 % reduction for the
DC-snubber and 17 % for the active snubber due to lower switching losses. Admittedly,
the active snubber setup at fsw = 30 kHz achieves a slightly lower output power of 160 kW
compared to the conventional halfbridge at fsw = 10 kHz with 170 kW.
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Figure 5.42: Achievable output power with ϑHS = 65 ◦C assumed to be constant

With optimized MOSFET devices, the DC-snubber (SNo) achieves 190 kW output power,
which is a reduction of 17 % compared to fsw = 10 kHz and still lower than the con-
ventional halfbridge. Contrary to that, the active snubber (ASo) reaches 220 kW, which
is a reduction of 19 % compared to fsw = 10 kHz and also 29 % above the conventional
halfbridge.
It should be kept in mind that the thermal dependency of the MOSFET’s on-state resis-
tance was not considered. An increasing on-state resistance with increasing temperature
would lead to higher conduction losses. Hence, the absolute estimated output power as
well as the relation between the setups would result in lower values.
Considering the lower damping losses of the active snubber compared to the DC-snubber
and its higher achievable output power, the active snubber may be a reasonable replace-
ment for conventional state-of-the-art halfbridge power modules within this power range.
This conclusion is also supported by achieving higher output power even at fsw = 30 kHz
and its potential of further motor loss reduction. However, latter has to be still quanti-
fied by measurements. Because the damping losses and thus, the losses in the snubber
capacitor, are not affecting the results in Fig. 5.42 due to uncritical ϑC, see Figs 5.40 and
5.41. However, they contribute to the total inverter losses and thus, have influence on the
module efficiency, which is part of the next section.

5.4.3 Inverter Efficiency
With the losses according Section 5.4.1 and the output power according Sect. 5.4.2, the
inverter efficiency characteristic can be estimated with

η = Pout

Pout + 6 · (Psw + Pcond) + 3 · Pdamp
, (5.10)

by considering the losses of the six switches and the damping caused by the three snubber
capacitors, one for each halfbridge.

At an inverter switching frequency of 10 kHz, see Fig. 5.43 it can be seen that the
halfbridge has the highest efficiency for currents around approximately 30 A also com-
pared with the snubber setups, see the discussion on Page 92ff. In case the true drain
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current for the turn-off event of the snubber setups is lower than measured, this would
immediately change the efficiency at lower load currents to higher values than shown in
Figs. 5.43 and 5.44. Nevertheless, for current values above 30 A both snubber setups are
much more efficient with an efficiency >99 % up to the highest output current achieved
with the particular setup. The halfbridge has a peak efficiency of ηmax10HB = 99.24 % at
13 % of the highest output current of ImaxHB = 215 A.
Comparing the non-optimized snubber setups, it can be seen that the DC-snubber shows
its highest efficiency of 99.33 % at an output current of 80 A, which is 30 % of the highest
current achieved with ImaxSN = 264 A. Contrary to that, the active snubber setup reaches
ηmax10AS = 99.49 % at a similar current value. However, the active snubber setup allows
a maximum inverter output current of Imax10AS = 288 A.
A further improvement can be noticed for the optimized setups where the DC-snubber
shows a peak efficiency of ηmax10SNo = 99.41 % also at 0.3 · Imax10SNo. The highest overall
efficiency is achieved by the optimized active snubber with ηmax10ASo = 99.56 % as well as
the highest output current with ImaxASo = 340 A.

For an inverter switching frequency of 30 kHz shown in Fig. 5.44, the achievable effi-
ciency is lower, which is plausible due to the three times higher switching and damping
losses. Similarly to fsw = 10 kHz, the conventional halfbridge has a higher efficiency for
output currents below approximately 30 A, while all snubber setups are better for current
values above. However, by comparing the efficiencies in Fig. 5.43 and Fig. 5.44 it can be
seen that the conventional halfbridge suffers strongly from a higher switching frequency
by a peak efficiency decreased below 98 %. Further, it can be seen that the efficiency
curves at 10 kHz show its maximum at lower values compared to 30 kHz and the efficiency
decreases more significant at 10 kHz than for 30 kHz. Both can be explained by the current
dependency of the conduction and switching losses, see Figs. 5.37 to 5.39. At 10 kHz the
linear load current dependency of the switching losses has lower contribution to the total
losses compared to the squared dependency of the conduction losses. Contrary to that,
the contribution of higher switching losses at 30 kHz causes a more homogeneous efficiency
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over a wide output current range. Additionally it can be seen that the active snubber
setup for both optimized and non-optimized semiconductor shows superior efficiency to
the DC-snubber setups as well as the conventional halfbridge.

The efficiency analysis supports the result from Section 5.4.2 that the active snubber is
the more reasonable choice in terms of utilizing the semiconductor material especially for
high desired output currents and switching frequencies. However, as mentioned above, if
the application requires a peak output current much higher than the continuous current,
both a DC-snubber or an active snubber might not be the reasonable setup in terms
of losses. But by considering the not validated yet higher measurement losses at lower
current values, see P. 92ff, this restriction might be challenged. Additionally, both snubber
setups benefit from fast switching causing high voltage slopes. Nevertheless, high voltage
slopes might be undesired depending on the application, which is subject of the next
chapter.
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6 Operation with Pulsed LC filter
In the previous sections it has been shown that the active snubber concept allows faster
switching compared to a conventional halfbridge setup and the damping losses as well
as the switching losses are significantly reduced. While this is beneficial for higher load
currents and thus, for higher inverter output power this is at the expense of higher voltage
slopes up to 80 GV/s, cf. Fig. 5.19. This might not be tolerated by every application.
Typical cases where a comparatively slow voltage slope is mandatory are for example
applications in which the length of the connection cable between inverter and electric
motor is long in terms of rise-time to propagation delay ratio, see [132], or applications
where the motor windings suffer from high voltage slopes [24]. Additionally higher slopes
cause higher frequency harmonics and may cause EMI problems. Possible countermea-
sures are the use of large filters to suppress the harmonics, see e.g [26, 133, 134] or slowing
down the semiconductor switching speed for the sake of higher switching losses. Due to
higher switching losses it might be necessary to reduce the switching frequency to keep
the semiconductor losses in a manageable range. As described by [131], a lower switching
frequency has also influence on the motor losses in terms of higher magnetic losses due to
higher amplitude harmonics. An optimal inverter has a sinusoidal output voltage at the
desired frequency, typically in the range from 0 Hz up to a few hundred Hertz depending
on the target application. However, due to this low frequency range, fast switching semi-
conductors with low switching losses necessitate huge and expensive filter components.
To allow fast switching without the need of a huge and expensive filter, in [27] a con-
trolling scheme for a smaller LC output filter actively driven by the power switches has
been proposed. The active controlling allows a much smaller filter dimension compared
to a typical sinusoidal filter and thus reduced cost. However, the active controlling causes
more switching events and thus higher losses. Hence, it depends strongly on the achievable
switching loss reduction whether this technology is applicable [135]. Thus, the combina-
tion of the active snubber concept with the actively controlled filter might be a desired
combination in applications with a need for increased efficiency combined with the re-
quirement of slow voltage slopes.
To investigate the compatibility and possible design limitations, this chapter presents the
findings from [136] about the combination of the active snubber setup with the actively
driven filter. Additionally, the findings are set in this work’s context and further rela-
tions are shown. Additionally, equal to [136], the setup is compared to a state-of-the-art
IGBT setup as a reference for a mentioned slow switching application and shall allow
a better interpretation of the results. First, the filter controlling scheme is introduced.
Afterwards, the filter component is designed for double-pulse measurements. Further, the
setup is used to perform a turn-on event in terms of decreasing output voltage slope and
a turn-off event in terms of an increasing output voltage slope.

6.1 Active Filter Introduction
To offer the reader an insight to the basic principal of the actively driven filter a brief
introduction shall be given in this section.
As proposed by [137] an LC-low-pass-filter is connected between the AC-terminal and
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the DC-minus potential. Figure 6.1 shows the active snubber setup with the mentioned
low-pass filter. It is assumed that initially the power semiconductor Q2 is in on-state and
the filter capacitor Cf is discharged.

VDC

Llink DC+ Lhb

Q1

AC

Q2

ihbDC-ilink

Qaux

Csnvsn

isn
Lf

OUT

Cf vout

if

vDS2

ILoad

Figure 6.1: Basic active filter circuit, based on [136]

After the first turn-off of Q2 the voltage at the AC-terminal increases with respect to
the DC-minus potential. As a result, a current starts flowing through the filter inductance
Lf and the filter capacitor Cf starts charging as illustrated in Figure 6.2. After the filter
capacitor is charged up to vout = VDC/2, the power switch Q2 is turned on again. Due
to the current flow through the filter inductivity, the filter capacitor is further charged
with decreasing voltage slope. By proper dimension and timing, the output voltage vout
reaches the level of VDC with a filter current of if = 0 A. At this point in time, the power
semiconductor is turned off again and the output voltage remains at VDC.

VDC

D=50 %
charge

D=50 %
discharge

timetrise

vout
vDS2

Figure 6.2: Active filter principle of operation after [137]

The resulting duty-cycle results in D = 50 %. The load connected to the OUT-Terminal
is stressed with the less steep voltage slope of vout compared to a load connected to the
AC-terminal. For the discharge pulse, the switching scheme is repeated in inverse manner.
Further, the setup allows slower voltage slopes of vout generated by more switching events
with a more complex timing as published in [138].
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6.2 Filter Dimensioning
For the investigation a filter is dimensioned according to [137] for a peak charge current
of 25 % of the desired maximum load current of 350 A and a rise time of trise = 1 µs.
As presented by [137], the peak charge pulse current and the rise time can be calculated
with

îf = VDC√
Lf/Cf

sin(π

3 ) and (6.1)

trise = 2π

3
√

LfCf . (6.2)

With the selected constrains and by rearranging (6.1) and (6.2), the capacitor can be
calculated to

Cf =
√

3triseîf

πVDC
=

√
3 · 1 µs · 0.25 · 350 A

π · 600 V = 80 nF. (6.3)

Due to the availability, a polypropylene capacitor with 68 nF has been selected, which
allows to calculate the inductivity yielding

Lf = 9triseîf

4π2Cf
= 9 · 1 µs · 87.5 A

4π2 · 68 nF = 3.3 µH. (6.4)

This inductivity was implemented as a manually winded air coil.
The chosen components result in a resonant frequency of

fresf = 1
2π

√
3.3 µH · 68 nF = 336 kHz, (6.5)
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Figure 6.3: LC-filter bode plot, based on [136]

and bode plot of the designed LC-
filter shown in Figure 6.3 proofs the
calculation of fresf . Further, the
filter shows an increased gain at
its resonant frequency as well as a
strong decreased negative gain peak
at 3 MHz, which points to a further
resonance peak with a parasitic ele-
ment. The shape of the curve with
a plateau at −40 dB at 10 MHz and
the phase respond, points to a par-
asitic inductance of the capacitor of

LCf ≈ 3.3 µH · 10 −40 dB
20 = 33 nH

(6.6)
verified by spice simulation. This is
plausible due to the axial capacitor
design.
Further, a decreasing gain for fre-
quencies above 10 MHz points to further parasitics, e.g. a parasitic capacitance of the
inductivity, which may reduce the filter efficiency for high frequencies. A spice based
simulation of the filter points to a parasitic capacitance of the filter inductivity in the
lower pF-range, which cannot be determined further.
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6.3 Discharge Pulse
In this section, the discharge pulse is performed with the active snubber setup leading to
a negative voltage slope of vout and shall simulate a turn-on event from the load point of
view. The pulse is performed within a double pulse setup. The gate control signal for
each switching event is modified by a dedicated timing circuit, which derives the timing
sequence needed for the active filter. The timing and the duty-cycle of the sequence
is adjusted manually with the goal that the output voltage does not oscillate after the
sequence is finished for t > 1 µs, cf. Fig. 6.4. Because the duration of the switching
sequence for the discharge pulse is much longer compared to a single switching event, a
high load inductance is chosen. This causes only a negligible rise in load current between
the switching events. The gate resistors are chosen according Table 5.2.
The corresponding switching curve is shown in Figure 6.4. Initially, the power switch Q2
is in blocking state and according Figure 6.1, the load current of 350 A is flowing through
the body diode of Q1.
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Figure 6.4: Discharge pulse, based on [136]
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As it can be seen in Figure 6.4, the initial snubber voltage, cf. vsn, is above the DC-link
voltage VDC = 600 V due to previous switching events within the double pulse sequence.
The turn-on event of Q2, beginning at approximately t = 20 ns, is very similar to the
turn-on event analyzed in Section 5.2.2 and shows similar effects in terms of occurring
frequencies. Furthermore, the voltage and current waveform of the filter signals, cf. vout
and if in the interval 100 ns < t < 200 ns, show a high-frequency signal according (5.9)
passing through the LC-filter. This high-frequency path-through was already assumed
after analyzing the bode plot on Page 119. Further, the filter current increases the DC-
link ilink current and halfbridge current ihb in the interval 20 ns < t < 530 ns.
Before the second switching event is timed, the auxiliary switch is turned-on with a lead
time according to (3.51). As it can be seen in the output voltage as well in the filter
current, the initiated oscillation process starting at t = 330 ns has no influence on the
filter signals. This is plausible due to turned on Q2 which shortens the output filter.
Contrary to the theory given by [137] the manually adjusted timing does not result in
a duty-cycle of D = 50 % to achieve a non-oscillating output voltage after the pulse
sequence. With respect to the 50 % values of vDS2 equal to 300 V, the first pulse-time
20 ns < t < 530 ns is slightly longer compared to the second from 530 ns < t < 1 µs. This
results in a duty-cycle of

D = 530 ns − 20 ns
1 µs − 20 ns = 52 %. (6.7)

As a result, the output voltage at the second switching event at t = 530 ns is below VDC/2.
This effect is further explained below.
After the second switching event, in the interval 540 ns < t < 700 ns, the output voltage
shows a beat with a mean frequency of about fR = 82 MHz and a frequency of the hull
curve of about fB = 11 MHz. According to the well known theory of coupled oscillators
based on trigonometric identities the two fundamental frequencies can be calculated to

f1 = fR + fB = 93 MHz and (6.8)
f2 = fR − fB = 71 MHz. (6.9)

Because the beat is missing in the filter current signal if and f1 is very close to the
oscillation according (5.8), the conclusion can be made that, considering Fig. 6.1, the
second frequency f2 results from an interaction with the load inductance. Otherwise, a
possible interaction might be caused by the parasitic capacitance of Lf interacting with the
load connection and inductivity or an interaction of the filter inductance with a parasitic
load capacitance and needs further investigation.
In the interval 530 ns < t < 1 µs the power switch Q2 is in blocking state. The increasing
snubber voltage with a value above the DC-link voltage counteracts the filter current more
effective compared to a voltage equal to VDC. Hence, the duration until the filter current
and the derivative of the output voltage become zero is shortened compared to the theory
given by [137]. This causes the already mentioned deviance in the duty-cycle of 2 %.

6.4 Charge Pulse
Similar to the previous section, the charge pulse is performed within a double pulse
sequence under similar conditions. Hence, the snubber capacitor is charged up to a voltage
of 715 V higher than the DC-link voltage shown in the corresponding switching curve
depicted in Figure 6.5. With a lead time according to (3.51), the auxiliary switch Qaux of
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the active snubber path is turned on and the discharging snubber capacitor decreases the
DC-link current ilink. At t = 300 ns, the power switch Q2 is turned off and initiates the
filter charging process by increasing the filter current. As it can be seen in the interval
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Figure 6.5: Charge pulse, based on [136]

300 ns < t < 500 ns the output voltage vout shows the beat frequency already found in the
discharge pulse, cf. page 121.
Similar to the discharge pulse, the manually adjusted duty-cycle, as a relation of on-time
to cycle-time for Q1, does not fit to the theory with respect to the 10 % values of ihb
and vDS2. A duty-cycle of D = 48.7 % had to be adjusted to prohibit an oscillation of
the output voltage for t > 1.25 µs, cf. Fig. 6.5. This can be explained similarly with
the increasing snubber voltage and the resulting stronger filter current increase. After
the first turn-off event of Q2, the snubber current increases and accelerates the filter
charging. However, the remaining energy in the stray inductance is less compared to the
turn-off event in Figure 6.4. This reduction is related to the double pulse measurement
leading to a different snubber voltage at the beginning of the sequence compared to the
discharge pulse. As a result, the relative deviance of D compared to the theory is also
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less compared to the discharge event. Considering Sect. 4.8, this predicts a load current
dependent duty-cycle.

6.5 Comparison to IGBT-Setup
As mentioned in the introduction, a possible measure to deal with the disadvantages of
high voltage slopes is decelerated switching speed. Further, silicon IGBTs are still the
common power semiconductor. Similar as published by [136], in this section a state-of-
the-art IGBT module [139] with dedicated DC-link capacitor [140] is used as reference
setup. It is compared to the setup shown in Figure 6.1.
Goal of the comparison is to investigate the benefits for a system replacement in a quan-
titative manner especially focusing the efficiency. To investigate this, the gate resistors
were varied to evaluate the losses at different switching speeds. Firstly, the gate resis-
tor was adjusted to achieve a voltage slope similar to the maximum slope achieved with
the active filter of dv/dtmax = 1 kV/µs. Secondly, the gate resistor was adjusted to the
nominal operation point according the device datasheet [139]. Finally, the gate resistor
was chosen very small to evaluate the maximum achievable switching speed, which allows
to derive whether the active snubber module is a reasonable replacement for the IGBT
module setup in terms of losses.
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Figure 6.6: IGBT turn-on reference, based on [136]

The switching curves for the turn-on event with different RGon values are shown in
Figure 6.6. First, it can be noticed that for all switching speeds the waveforms show
no oscillation. By analyzing the collector current, a significant tail-current from the
freewheeling diode can be noticed. The resulting parameters for turn-on and diode reverse
recovery are shown in Tables 6.1 and 6.2.

Table 6.1 indicates that for a slow switching event with RGon = 23 Ω, causing similar
voltage gradient compared to the LC-filter setup, excessive switching losses of 93 mJ
have to be accepted. Additionally, even at accelerated conditions with an RGon = 0.5 Ω,
the turn-on losses decrease only by a factor of approximately 5. This non-proportional
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Table 6.1: Turn-on parameters

RGon [Ω] Eon [mJ ] dv/dtmax [kV/µs]
23 92.7 -0.96
5 33.2 -2.15

0.5 17.4 -5.3

Table 6.2: Diode recovery parameters

RGon [Ω] Erec [mJ ] dv/dtmax [kV/µs]
23 4 1.09
5 7.9 10.8

0.5 11.5 23.2

scaling is maybe related to an effective negative feedback loop caused by a common stray
inductance in control and power path or a collector-gate capacitance, cf. e.g. LS and
CDG in Fig. 2.7. These may counteract the gate driver slowing down the switching speed.
Another possible limitation might be influenced by the charge density and carrier life time
as mentioned in [4] P. 220.
Contrary to the turn-on losses, the recovery losses increase with accelerated switching
speed. However, the absolute value of the recovery losses, especially for a gate resistor
of 0.5 Ω, are less compared to the turn-on losses. A further important deviance is the
significant difference in the maximum voltage slope especially for faster switching. Because
the used passive voltage probes connect the measured system to the oscilloscope reference
potential, only the bottom system could be measured. Therefore, the top system is used
as switch for the diode reverse recovery measurement. In case both systems, top and
bottom, differ in their negative feedback loop, the switching speed also differ. Hence,
the resulting reverse recovery parameters according Table 6.2, may not be equal to the
parameters for the free wheeling diode of the bottom switch.
In Figure 6.7 the switching curves for the turn-off event of the bottom-side IGBT are
depicted for different gate resistors. By analyzing the collector current, the current-tail is
less compared to the diode-tail shown in Figure 6.6.
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Figure 6.7: IGBT turn-off reference
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However, no oscillation occurs independent of the used gate resistor. The resulting
parameters are shown in Table 6.3 First it can be noticed for the IGBT that the maximum

Table 6.3: Turn-off parameters

RGoff [Ω] Eoff [mJ ] dv/dtmax [kV/µs]
23 61 1.9
5 31 4.5

0.5 24.3 7.3

voltage slopes are higher compared to Table 6.1. Further, the IGBT turn-off losses at
RGoff = 23 Ω are approximately 30 % lower compared to the corresponding IGBT turn-on
losses, while the losses at nominal gate resistor of 5 Ω are very similar.
However, the IGBT turn-off losses for RGoff = 0.5 Ω are about 40 % higher compared to
the corresponding turn-on losses. Hence, the turn-off losses decrease less with lower gate
resistor compared to turn-on. This effect can be explained by comparing both figures, 6.6
and 6.7. Analyzing the voltage waveform points to a significant influence of the system
stray inductance. While faster switching at turn-on causes a higher voltage drop, the
switching event becomes more soft. On the other hand, a faster switching at turn-off
cause a higher voltage overshoot reducing the effect of loss reduction for faster switching.

With the measurement results from the IGBT and the active snubber a quantitative
comparison can be done. In Figure 6.8, the switching energies for the IGBT setup with
the adjusted switching speeds as well as for the active snubber setup with the LC-filter
are depicted. However, it is important to mention that the depicted losses for the active
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Figure 6.8: Energy comparison, based on [136]

snubber setup combined with the LC-filter are the summarized switching losses over all
six single switching events shown in Figs. 6.4 and 6.4. This shall give a better expression
to compare the losses for an event with a positive and a negative output voltage slope as
a load would be stressed with.
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Knowing about the switching losses allows judging the comparability of the IGBT setup
and the active snubber setup in terms of current capability. From Fig. 6.8 it can be
derived that the IGBT-setup within an application needing a rather slow voltage slope,
e.g. due to long motor wires, would cause significant semiconductor switching losses. The
comparative active snubber setup designed for a similarly slow voltage slope would cause
about 20 times less losses. It should be noted that the losses of the used LC-filter are
not considered because a filter not optimized for losses was used. The losses of a filter
would reduce the efficiency of the active filter setup compared to the IGBT setup without
additional filter.
Applications with no need for such very slow slopes are represented by the nominal IGBT
operation point. Regardless faster switching speed with RGon = 0.5 Ω, the IGBT shows
still significantly higher switching losses. Finally, the IGBT with lowest gate resistors,
representing a setup with maximized switching speed, suffers from an intrinsic speed
limitation most likely limited by the charge carrier extraction. Hence, it is also not
reasonable to operate the active filter with an IGBT due to the higher count of necessary
switching events.
The active snubber setup used to drive an LC-filter combines both, slow current slopes
as well as low switching losses. Further work may target a proper LC-filter dimensioning
with improved HF-blocking and designed for continuous inverter operation. With such a
filter, a better estimation of conductive filter losses can be made, which would add up to
the above mentioned losses.
In Figures 6.4 and 6.5, it can be noticed that the oscillating snubber current isn has a
period duration in the range of the total switching cycle. While the LC-filter was designed
for a voltage slope of 1 kV/µs, this snubber current oscillation period limits the minimum
time between the switching events an thus, the maximum achievable voltage slope.
A possible limitation might be the influence of a higher snubber voltage on the necessary
duty-cycle to achieve an output voltage after the slope without oscillation. This may
necessitate a continuous duty-cycle adjustment during sinusoidal output current operation
depending on the load current dependent snubber voltage level, cf. e.g. Fig. 4.21.
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7 Summary and Outlook

7.1 Summary
This work is about an active snubber circuit with an unsymmetrical system stray induc-
tance build into a power module. The setup is based on a DC-snubber and an additional
auxiliary series switch in the DC-snubber path. The manner of active operation shown
in this work allows a large stray inductance during turn-on as well as a small stray in-
ductance during turn-off and diode recovery without the disadvantages of a conventional
DC-snubber. This allows the switching speed to be maximized, leading to a significant
voltage drop during turn-on, making use of the large stray inductance to the main DC-
link capacitor. For turn-off, a very low stray inductance allows fastest switching. It could
be shown that the proposed manner of operation of the active snubber allows storing the
energy from the system stray inductance before the turn-on and makes use of it in subse-
quent switching events by temporary unburdening the main DC-link capacitor. Hence, by
cost of slightly increased controlling effort the switching losses are significantly reduced.
The presented manner of operation further allows to use this stored energy to reduce ring-
ing duration and shifts this otherwise lost damping energy to the load. Additionally, the
buffering effect of the snubber capacitor reduces the turn-off voltage overshoot and thus,
may further allow the reduction of the specific on-resistance of the used SiC MOSFET.
To find potential points to consider and allow proper dimensioning, the turn-off as well
as the turn-on sequence was mathematically modeled. The calculations were validated by
measurements afterwards. Furthermore, the model makes some assumptions, which allow
to describe a fast switching event at high currents with very good accuracy. However, these
assumptions lead to an inaccuracy especially for low and very low load currents. Nev-
ertheless, the mathematical description was applied alternately for turn-on and turn-off
showing that the mean snubber capacitor voltage converges to a stable voltage. Further,
it could be shown that the effective usage of the snubber energy reduces the maximum
expectable capacitor voltage to lower values than to be expected for a similar DC-snubber
setup. This allows to use a capacitor with lower capacitance as it would be necessary for
DC-snubber designed for similar turn-off overvoltage suppression. With the mathematical
description a dependency between the zero crossings of the snubber current and the used
timing was predicted. While the auxiliary switch in series to the snubber capacitor is
meant to be switched at zero current, this dependency would increase its losses or neces-
sitate continuous timing adjustments. The model was used to derive an optimal timing,
which makes the zero crossings of the snubber current independent of the load current
over a wide range.
The active snubber setup used for validation was compared in its switching behavior
to two very similar other setups, a conventional halfbridge and a halfbridge with DC-
snubber. After dimensioning the three setups to achieve maximum switching speeds at
two different stray inductance values to the main DC-link capacitor, the measurements
were compared to outline remarkable differences. The measurements indicated that both
snubber setups the DC-snubber and the active snubber, are identical in their current and
voltage behavior during turn-on until the voltage overshoot occurs. As expected, due to
its much higher system stray inductance, the conventional halfbridge had to be deceler-
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ated by higher gate resistors, while both snubber setups were able to switch at highest
switching speed. However, it was also found that the used state-of-the-art Rogowski coil is
a major limitation for proper judgment of the switching behavior and shows the need for
development of better measurement devices. Additionally, a lower drain current during
turn-off is expected and was also simulated in a complex simulation. However, because
the cause of the higher measured drain current could not be found, further investigation
is necessary.
For turn-on, the active snubber can utilize the larger system stray inductance and the
resulting large voltage drop during the positive current slope. Contrary to that, the con-
ventional halfbridge cannot utilize this benefit of a large stray inductance and had to be
switched with much higher gate resistor to not exceed the overvoltage during diode recov-
ery. Additionally, the DC-snubber buffers the voltage drop leading to the highest turn-on
losses over all three setups. Similarly, the DC-snubber showed the highest damping losses
and confirms the literature. Contrary to that, the active snubber, making use of the en-
ergy, shows much lower damping losses and is also less affected by the load current, which
makes it applicable for higher current applications than a DC-snubber. In addition, while
the conventional halfbridge showed the lowest damping losses, the ringing voltage ampli-
tude is the highest compared to the active snubber showing the lowest voltage ringing
amplitude. However, different stray inductances located in different circuit parts being
relevant at different time spans showing the most complex ringing scheme with different
frequencies and ringing sequences. Hence, the active snubber combines both benefits a
low oscillation amplitude as well as low oscillation losses.
To quantize the active snubber appropriateness for inverter operation, it is compared with
the two other mentioned setups within a theoretical inverter design. The total system
losses, the achievable inverter output power as well as the inverter efficiency was calcu-
lated for the conventional halfbridge, the DC-snubber and the active snubber. Further,
for the two snubber setups an optimized MOSFET designed for lower voltage overshoot
is estimated to give a range which can be expected if the active snubber benefits are uti-
lized. It was found that for a common switching frequency of 10 kHz the active snubber
allows about 40 % higher output power compared to a conventional halfbridge as well as a
maximum inverter efficiency of about 99.5 %. Additionally, for the hypothetical optimized
MOSFET the expected system efficiency exceeds 99.5 %. Further, it could be shown that
for the active snubber a lower dependency on the switching frequency can be expected.
However, while a temperature independent on-state resistance was assumed, a tempera-
ture dependency would reduce the efficiency of all setups.
While the active snubber is beneficial in terms of lowest switching losses it might not be
suitable for applications where steep voltage slopes are undesired. Therefore, finally, the
active snubber is used to drive an actively pulsed LC-filter, resulting in much lower output
voltage gradients. It was found that the timing of the pulse sequence shows a dependency
on the state of charge of the snubber capacitor resulting in either a ringing in the output
voltage or a need for snubber voltage-dependent timing adjustments. Further, while the
LC-filter was exemplary designed for a voltage rise time of about 1 µs, the timing and the
oscillation duration of the active snubber limits much smaller rise times.
The setup is compared with a state-of-the-art IGBT setup commonly used for applications
with restricted high voltage slopes. It was shown that the active snubber setup combined
with the LC-filter allows less steep voltage slopes as well as a reduction of the switching
losses. Compared to the IGBT setup slowed down to similar rise time a loss reduction by
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a factor of 20 could be found. However, while the losses of the active snubber together
with the filter are only dependent on the number of switching events, the highest achieved
voltage slope of the IGBT setup, resulting in up to 23 kV/µs results in about 6.7 times
higher switching losses than the active snubber.

7.2 Outlook
Mathematical model:
The derived mathematical model is helpful to determine the expectable damping losses
and to calculate the appropriate timing of the auxiliary switch. This allows to pre-
dict the device stress in critical high load conditions. While the setup is meant to be
switched at highest switching speeds also covered by the model, there might be use cases,
where the assumption might not be applicable. This would lead to inaccuracies of the
model. Further work might target the improvement of the mathematical model for a
wider range of applications covering also the operation at low and very low load cur-
rents.
A specific load current is defined as high or low and is mainly dependent on the reverse
recovery current of the body diode. This might be critical for the model reliability in
case a super junction MOSFET is used, which usually has a higher reverse recovery peak
current, cf. e.g. [127].

Model validation and measurement:
In Section 5.2.1, an unexpected high drain current during the turn-off voltage slope was
discussed and investigated by simulation. However, it was not able to clarify beyond doubt
whether this higher drain current is true, leading to higher device losses. It is mandatory
to clarify whether the measurement can be trusted or if there are effects may be related
to the indirect drain current measurement done by measuring the DC-link current and
subtracting the snubber current or if there are setup influences. Therefore, further in-
vestigation may target a direct drain current measurement or vary the setup to uncover
dependencies not considered during the simulations. The measurement of the drain cur-
rent has a direct effect on the findings of the inverter design. However, it is expected
that the improved drain current measurement would lead to a reduced current during
the voltage slope. Hence, while the presented findings are based on the measurements, a
reduced drain current would indicate better results for output power and efficiency than
presented.
In case it is not possible to improve the direct drain current measurement, an indirect
measurement targeting the determination of the losses might be applicable. For this, a
calorimetric inverter test might be reasonable to determining the efficiency.

Further developments:
In this work, a prototype module with the active snubber setup was designed. The de-
sign was also related to be comparable to a similar DC-snubber setup and a conventional
halfbridge setup. While the active snubber module was designed to obtain a deliberately
large stray inductance to the main DC-link capacitor, it was shown in Sect. 5.3.3 that
reducing this conductivity is still beneficial for the total switching losses. However, a
lower stray inductance to the DC-link would also increase the turn-on losses. For a very
low main stray inductance, e.g. in the range of the stray inductance provided by the
DC-snubber path, the total losses further increase to higher values, cf. e.g. Fig. 5.29.
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This allows to draw the conclusion that a more optimal main stray inductance value
lies between the used Lmain = 34 nH and the inductance provided by the DC-snubber
Lsnhb = 3 nH.

For the used snubber assemblies, the capacitors were soldered to the aluminum oxide
ceramic substrate. Dependent on the capacitor dielectric ceramics used, a mismatch in
the coefficient of thermal expansion can be expected may having a significant impact on
the reliability. The literature shows a lack in research in this type of material combination
for this application. Future work may target determining the reliability of alternative as-
sembly techniques.
Further, the capacitors used are usually designed for PCB mounting in a less harsh envi-
ronment with lower temperature and stress. Future research may find new failure modes
and methods to improve reliability.

For ease of use and to prove the concept of the active snubber presented, a linear low
loss class I ceramic capacitor type was used. However, a class II capacitor with anti-
ferroelectric dielectric might be a more interesting choice in terms of device size and cost.
It was mentioned that such a capacitor would show a capacitance and loss dependency
on the DC-link voltage and temperature. Future work may target finding a proper design
strategies for using and dimensioning such a capacitor.

In Section 5.4, the expectable inverter efficiency was estimated by calculation. The
validation of the presented findings by measurements is still necessary and needs further
investigation. Also the dimensioning of an inverter using an optimized MOSFET with
respect to lower voltage overshoot necessitates further research.
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A Mathematical derivations

A.1 Calculation of Density of States
A derivation of the calculation of density of states can be found in e.g. [30]. As the energy
gap shows a temperature dependency, the gap can be calculated with

Wg(ϑ) = Wg0 − αϑ2

ϑ + β
, (A.1)

where ϑ is the absolute temperature and α and β are fitting parameters.
According to [141] P. 17, for 4H-SiC the parameters are given αSiC = 8.2 · 10−4 eV/K,
βSiC = 1.8 · 103 K valid up to a doping concentration of 1 · 1019 cm−3, see [142]. For Sili-
con the parameters can be found in [30] with αSi = 4.9 · 10−4 eV/K, βSi = 665 K.
The energy gap can be calculated with the initial energy at 0 K with Wg0Si = 1.17 eV and
Wg0SiC = 3.29 eV, cf. [142, 143].

The effective masses for density of states can be calculated with the values given in
Table A.1 using the formulas below, cf. [30, 144], where m0 is the electron mass.

mde = 3
√

me∥ · m2
e⊥

mdh = 3
√

mh∥ · m2
h⊥ = 2/3

√
m

3/2
lh + m

3/2
hh

(A.2)

The results are mde,Si = 0, 32m0 and mdh,Si = 0, 55m0 for silicon and mde,SiC = 0, 37m0
and mdh,SiC = 0, 79m0 for 4H-SiC respectively.
This allows to calculate the density-of-states to

NC ≡ 2MC

(
2πmdekϑ

h2

)3/2

, and NV ≡ 2
(

2πmdhkϑ

h2

)3/2

, (A.3)

for the conduction band and for the valence band with the Boltzmann constant k.

Table A.1: Effective masses of electrons and holes
Si 4H-SiC

MC[142][141] 6 3
me∥ [1/m0] 0.92[144] 0.29[145]
me⊥ [1/m0] 0.19[144] 0.42[145]
mh∥ [1/m0] 1.56[146]
mh⊥ [1/m0] 0.56[146]
mlh [1/m0] 0.16[30]
mhh [1/m0] 0.49[30]
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Figure A.1.2: Density of states

A.2 Equations of an RLC Circuit
In this section the well-known basic equations for the series oscillation circuit are derived
to give a standard parameter definition and as a reference in subsequent sections. With the

R

vR

i L

vL

C

vC

vin

Figure A.2.1: Basic RLC circuit

general linear differential equations for L and C and the dot notation for time derivatives
the complete mesh equation for a series resonant circuit according Fig. A.2.1 can be
written as

vin = vR + vL + vC = R · i + L · i̇ + 1
C

∫
i dt + VC0, (A.4)

where VC0 is the initial capacitor voltage.
With the simplification vin0 = vin − VC0 follows

vin0 = R · i + L · i̇ + 1
C

∫
i dt. (A.5)

After derivation of (A.5) assuming a time invariant vin the homogeneous differential equa-
tion results as

0 = L · ï + R · i̇ + 1
C

· i. (A.6)

With the two characteristic values of a resonant circuit

δ = R

2L
and ω2

0 = 1
LC

(A.7)

(A.6) can be rearranged to
0 = ï + 2δ · i̇ + ω2

0 · i. (A.8)
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The general solution of the linear homogeneous differential equation can be obtained with
the exponential approach i = Keλt. Applying on (A.8) lead to

0 = Kλ2eλt + 2δ · Kλeλt + ω2
0 · Keλt

= λ2 + 2δ · λ + ω2
0,

(A.9)

where λ can be calculated with

λ1,2 = −δ ±
√

ω2
d, (A.10)

while
ω2

d = δ2 − ω2
0. (A.11)

Considering (A.11), the solution of (A.9) depends on the relation between δ and ω.

For δ ≥ ω : The damping dominates the circuit behavior. From (A.7) the resistor value
can be derived to

RdDominant ≥ 2
√

L

C
. (A.12)

In case both sides of (A.12) are equal, aperiodic behavior is achieved.

For δ < ω : The behavior is a damped oscillation. With

Rd < 2
√

L

C
, (A.13)

the damping relevant resistor can be calculated.
With the circular frequency ωd = j

√
ω2

0 − δ2, (A.10) results in

λ1,2 = −δ ± jωd. (A.14)

Inserting (A.14) into the exponential approach i = Keλt leads to the general solution

i = K · e(−δ±jωd)t

= K · e−δte±jωdt

= K1 · e−δt cos(ωdt) + K2 · e−δt sin(ωdt)
(A.15)

with a generic complex constant K or the real constants K1 and K2 respectively.

For further calculations the integral is given as
∫

i dt = e−δt

ω2
0

(sin(ωdt)(K1ωd − δK2) − cos(ωdt)(K1δ + ωdK2)) , (A.16)

with ω2
0 = δ2 + ω2

d and the derivatives

i̇ = e−δt (cos(ωdt)(K2ωd − δK1) − sin(ωdt)(K2δ + ωdK1)) and (A.17)
ï = e−δt

(
cos(ωdt)(K1(δ2 − ω2

d) + 2δωdK2) + sin(ωdt)(K2(δ2 − ω2
d) + 2δωdK1)

)
. (A.18)
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A.3 Analytical Derivation of Active Snubber Turn-On
This section gives a comprehensive derivation including important considerations and
steps in between for the active snubber turn-on event.
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Figure A.3.1: Active snubber turn-on equivalent circuit
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Figure A.3.2: Active snubber turn-on current and time intervals

A.3.1 Fundamental Equations
Definition of non-continuous equations:

Rmain =
RmainSkin : t1 ≤ t ≤ t4

0 : otherwise
(A.19)

vDS2 =


VDC : −∞ < t ≤ t1

VDC − VDC
t2−t1

· (t − t1) : t1 < t ≤ t2

0 : otherwise

(A.20)

Basic node-equations:

ilink = isn + iD2 (A.21)
iD2 = iD1 + ILoad (A.22)

Initial state for t < t1

ilink(0) = iD2 = 0 A (A.23)
iD1(0) = −ILoad (A.24)
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A.3.2 Solution for the First Interval
Interval: t1 ≤ t < t2
Due to the high voltage slope of the turning on Q2, the body diode of the turned off Qaux
gets into blocking state. Thus, the snubber path can be neglected and the equations for
the first interval can be written as follows. By considering that the DC value of Rmain for
t < t1 is neglected, see (A.19), the basic equation of the voltage loop is given with

VDC = Lmain ˙ilink + ilinkRmain + vDS2(t). (A.25)
With (A.20), (A.25) can be rearranged to the inhomogeneous linear differential equation
and its derivation as

VDC

Lmaintf12
t = ˙ilink + Rmain

Lmain
ilink, (A.26)

VDC

Lmaintf12
= ¨ilink + Rmain

Lmain
˙ilink, (A.27)

where tf12 = t2 − t1 is the fall time of the drain-source voltage of Q2.

Approach:
The general solution of the homogeneous part in (A.26) as

0 = ˙ilink + Rmain

Lmain
ilink (A.28)

can be obtained using the exponential approach as

ilink = K1I1e
− Rmain

Lmain
t
. (A.29)

This allows to write the initial value problem of the inhomogeneous equation and its
derivations as

ilink = K1I1e
−2δt + Kp2I1t + Kp1I1, (A.30)

˙ilink = −2δK1I1e
−2δt + Kp2I1, (A.31)

¨ilink = 4δ2K1I1e
−2δt (A.32)

where
2δ = Rmain

Lmain
. (A.33)

At t1 = 0 and the initial condition according (A.23) this leads with (A.27) to
ilink(0) = K1I1 + Kp1I1 = 0, (A.34)

˙ilink(0) = −2δK1I1 + Kp2I1 = 0 and (A.35)

¨ilink(0) = 4δ2K1I1 = VDC

tf12Lmain
. (A.36)

Solving the system of equation leads to the results

K1I1 = VDCLmain

R2
maintf12

, (A.37)

Kp1I1 = −VDCLmain

R2
maintf12

and (A.38)

Kp2I1 = VDC

Rmaintf12
. (A.39)
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This allows to write the final solution for the DC-link current in the first interval by
inserting K1I1, Kp1I1 and Kp2I1 into (A.30) leading to

ilink(t) = VDC

Rmaintf12

[ 1
2δ

(
e−2δt − 1

)
+ t

]
, (A.40)

and its derivation
˙ilink(t) = VDC

Rmaintf12

(
1 − e−2δt

)
. (A.41)

A.3.3 Solution for the Second Interval
Interval: t2 ≤ t < t3
With the constraint that vDS2 is zero before iD2 reaches the load current value

vDS2(t2) = 0 V, (A.42)

there is a second interval in which the total DC-link voltage is across the main stray
inductance. Thus, the perturbation is decayed and (A.25) can be rewritten as

VDC = Lmain
dilink

dt
+ Rmainilink. (A.43)

Approach:
With the identical homogeneous part according (A.28), the initial value problem of the
approach to solve the inhomogeneous equation can be written as

ilink = K1I2e
−2δt + Kp1I2, (A.44)

˙ilink = −2δK1I2e
−2δt, (A.45)

with the initial values for t = t2 according to (A.40) and (A.41) as

ilink(t2) = VDC

Rmaintf12

[ 1
2δ

(
e−2δt2 − 1

)
+ t2

]
, (A.46)

˙ilink(t2) = VDC

Rmaintf12

(
1 − e−2δt2

)
. (A.47)

Solving the system of equations according (A.44)ff. leads to the coefficients

K1I2 = −VDCLmain

R2
maintf12

(
1 − e−2δtf12

)
and (A.48)

Kp1I2 = VDC

Rmain
. (A.49)

And finally by insertion into (A.44) and rearranging to the solution

ilink = VDC

Rmaintf12

[ 1
2δ

(
e−2δt − e−2δ(t−tf12)

)
+ tf12

]
(A.50)

and its derivations

˙ilink = VDC

Rmaintf12

(
e−2δ(t−tf12) − e−2δt

)
= VDC

Rmaintf12

(
1 − e−2δtf12

)
e−2δ(t−tf12) and (A.51)

¨ilink = − VDC

Lmaintf12

(
e−2δ(t−tf12) − e−2δt

)
. (A.52)
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Calculation of t = t3
At t3, the condition iD2 = ilink = ILoad occurs. Inserting ilink = ILoad into (A.50) allows to
calculate t3 with the rearranged form

t3 = − 1
2δ

Ln

2δ ILoadRmaintf12
VDC

− 2δtf12

1 − e+2δtf12

 . (A.53)

A.3.4 Solution for the Third Interval
Interval: t3 ≤ t < t4
At t = t3 the current iD2 = ilink is equal to the load current and the body diode Q1,
see Fig. A.3.1 gets into blocking-state. Thus, the capacitance Coss∗ starts charging and
causes a reverse recovery peak current.
The contribution of Coss∗ allows to write the loop equation as

VDC = Lmain ˙ilink + Rmainilink + 1
Coss∗

∫
iD1 dt (A.54)

and afterwards by considering (A.22) and iD2 = ilink the rearranged equation as

VDC + ILoad

Coss∗
t = Lmain ˙ilink + Rmainilink + 1

Coss∗

∫
ilink dt. (A.55)

Derivation and rearranging leads to the inhomogeneous differential equation as

ILoad

LmainCoss∗
= ¨ilink + 2δ ˙ilink + ω2

0ilink, (A.56)

with the two values 2δ and ω2
0 according to Section A.2 as

2δ = Rmain

Lmain
and (A.57)

ω2
0 = 1

LmainCoss∗
. (A.58)

Approach:
With the homogeneous solution and its derivations according to (A.15)ff. the approach
and its derivations can be written as

ilink = e−δt [K1I3 cos(ωdt) + K2I3 sin(ωdt)] + Kp1I3, (A.59)
˙ilink = e−δt [cos(ωdt)(K2I3ωd − δK1I3) − sin(ωdt)(K2I3δ + ωdK1I3)] and (A.60)
¨ilink = e−δt

[
cos(ωdt)(K1I3(δ2 − ω2

d) + 2δωdK2I3) + sin(ωdt)(K2I3(δ2 − ω2
d) + 2δωdK1I3)

]
.

(A.61)

Here ωd can be obtained with (A.57) and (A.58) considering (A.11).

The initial condition iD2 = ilink = ILoad may occur with various preconditions e.g. by
slow switching speed or by adequately low load currents. With the intention to switch
fast, meaning that in the second interval the total DC-link voltage is across the main
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stray inductance, the initial state is given with (A.53) inserted into (A.50)ff. leading to
the set of equations as follows

ilink(t3) = K1I3 + Kp1I3 = ILoad, (A.62)

˙ilink(t3) = K2I3ωd − δK1I3 = VDC

Rmaintf12

(
e−2δ(t3−tf12) − e−2δt3

)
, (A.63)

¨ilink(t3) = K1I3(δ2 − ω2
d) + 2δωdK2I3 = − VDC

Lmaintf12

(
e−2δ(t3−tf12) − e−2δt3

)
. (A.64)

Solving this set results in the coefficients

K1I3 = 0, (A.65)

K2I3 = VDC

ωdRmaintf12

(
e−2δ(t3−tf12) − e−2δt3

)
and (A.66)

Kp1I3 = ILoad. (A.67)

Thus, the final solution for the current in this interval can be obtained as

ilink = VDC

ωdRmaintf12

(
e−2δ(t3−tf12) − e−2δt3

)
e−δ(t−t3) sin(ωd(t − t3)) + ILoad (A.68)

and its derivation as

˙ilink = VDC

ωdRmaintf12

(
e−2δ(t3−tf12) − e−2δt3

)
e−δ(t−t3) (−δ sin(ωd(t − t3)) + ωd cos(ωd(t − t3))) .

(A.69)
Until the end of this interval t = t4, the body diode of Qaux - assumed to be ideal - was

in blocking state and no current was flowing through the snubber path and therefore, the
initial condition for this interval is

isn(t4) = 0 A and ˙isn(t4) = 0 A/s2. (A.70)

Thus, the voltages vLsn and vRsn, cf. Fig. A.3.1 are zero also. This allows to write the
condition at which the body diode of Qaux becomes conductive during the negative current
slope of the reverse recovery current as

VDC − Lmain ˙ilink(t4) − Rmainilink = vsn. (A.71)

Rearranging and insertion of (A.68) and (A.69) into (A.71) and considering (A.57) leads
to

˙ilink(t4) = VDC − Vsn0

Lmain
− Rmain

Lmain
ilink (A.72)

and finally to

Ae−δ(t4−t3) (−δ sin(ωd(t4 − t3)) + ωd cos(ωd(t4 − t3)))

= VDC − Vsn0

Lmain
− 2δAe−δ(t4−t3) sin(ωd(t4 − t3)) − 2δILoad,

(A.73)

where A is the constant coefficient

A = VDC

ωdRmaintf12

(
e−2δ(t3−tf12) − e−2δt3

)
. (A.74)
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With a snubber capacitor Csn designed to be large, ωd·(t4−t3) ≈ 0 resulting in negligible
sinus-therms leading to

VDC − Vsn0

Lmain
− 2δILoad ≈ ωdAe−δ(t4−t3) cos(ωd(t4 − t3)). (A.75)

Finally, this equation can be rearranged to t4 to obtain the point in time at which the
body diode becomes conductive and this intervals ends to

t4 ≈ 1
ωd

arccos
(

2δtf12 (VDC − Vsn0 − RmainILoad)
VDC (e−2δ(t3−tf12) − e−2δt3)

)
+ t3. (A.76)

A.3.5 Solution for the Fourth Interval
Interval: t4 ≤ t < t5
In this interval, the switching of the semiconductors Q1 and Q2 is finished and the body
diode of Qaux is conductive. As a result, the equivalent circuit according Figure A.3.1 can
be simplified to Fig. A.3.3 with the following fundamental mesh and knot equations

DC-

VDC

DC+
Lmain

vLmain

Rmain

vRlink

vDS1

ILoad

ilink

LsnhbvLsn

RsnvRsn

Csnvsn
isn

vDSaux Qaux

Figure A.3.3: Active snubber turn-on equivalent circuit for the last interval

ilink = isn + ILoad (A.77)

and

VDC = Lmain · ˙ilink + Rmain · ilink + Rsn · isn + Lsnhb · ˙isn + 1
Csn

∫
isn dt + Vsn0. (A.78)

Inserting (A.77) into (A.78) and rearranging leads to the equation

VDC − Vsn0 + RsnILoad + 1
Csn

ILoadt = L ˙ilink + Rilink + 1
Csn

∫
ilink dt, (A.79)

where L = Lmain + Lsnhb and R = Rmain + Rsn. The inhomogeneous differential equation
can be obtained by dividing through L and derivation resulting in

ω2
045ILoad = ¨ilink + 2δ45 ˙ilink + ω2

045ilink (A.80)

where
2δ45 = R

L
and ω2

045 = 1
LCsn

. (A.81)
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The homogeneous solution according (A.15) and the constant perturbation function in
(A.80) leads to the special solution for the DC-link current as

ilink = e−δ(t−t4) [K1I4 cos(ωd(t − t4)) + K2I4 sin(ωd(t − t4))] + KpI4. (A.82)

The unknown constants K1I4, K2I4 and KpI4 can be obtained for t = t4 with the following
equations. With (A.68) and (A.76) as well as (A.82) follows

ilink(t4) = K1I4 + KpI4. (A.83)

(A.79) rearranged to ˙ilink leads to

˙ilink = VDC − Vsn0

L
− Rsn

L
ILoad + ω2

0ILoad(t − t4) − 2δilink(t4) − ω2
0

∫
ilink dt. (A.84)

Subsequently, with (A.82) and considering that the capacitor has still the same amount
of charge for t = t4 (A.84) can be simplified to

˙ilink = VDC − Vsn0

L
− Rsn

L
ILoad − 2δilink(t4)

= ω2
0K2I4 − δK1I4.

(A.85)

The second derivation can be obtained from (A.80), (A.85) and (A.79) resulting in

¨ilink = ω2
045ILoad − 2δ45 ˙ilink − ω2

045ilink

= K1I4(δ2 − ω2
d) − 2δωdK2I4.

(A.86)

Solving (A.83), (A.85) and (A.86) results in the coefficients

KpI4 = ILoad, (A.87)
K1I4 = ilink(t3) − ILoad and (A.88)

K2I4 = VDC − Vsn0

Lωd
+ Rsn

Lωd
ILoad − δ

ωd
(ILoad + ilink(t4)). (A.89)

Finally, this allows to write the solution of the DC-link current in the last interval as

ilink = e−δ(t−t4) [(ilink(t3) − ILoad) cos(ωd(t − t4))

+
(

VDC − Vsn0 + RsnILoad

Lωd
− δ

ωd
(ILoad + ilink(t4))

)
sin(ωd(t − t4))

]
+ ILoad.

(A.90)

According to the definition, cf. Fig. 3.2, the end of this interval occurs when the snubber
current crosses zero and hence, the snubber voltage reaches its maximum. Considering
(A.77) with (A.90) the end at t = t5 can be calculated for negligible damping with the
alternating part as

0 = ilink − ILoad

= (ilink(t4) − ILoad) cos(ωd(t5 − t4))

+
(

VDC − Vsn0 + RsnILoad

Lωd
− δ

ωd
(ILoad + ilink(t4))

)
sin(ωd(t5 − t4)).

(A.91)
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Rearranging to t5 lead to

t5 = 1
ωd

arctan
(

− (ilink(t4) − ILoad)ωdL

VDC − Vsn0 + RsnILoad − Lδ(ilink(t4) + ILoad)

)
+ t4. (A.92)

Finally, the change in the snubber voltage can be calculated by solving the integral

∆vsn = 1
Csn

∫ t5

t4
isn dt

= Le−δ(t−t4) [(ilink(t3) − ILoad) cos(ωd(t − t4))

+
(

VDC − Vsn0 + RsnILoad

Lωd
− δ

ωd
(ILoad + ilink(t4))

)
sin(ωd(t − t4))

]
,

(A.93)

which leads to
∆vsn =A1e

−δ(t−t4) sin(ωd(t − t4))
+ A2(1 − e−δ(t−t4) cos(ωd(t − t4)))

(A.94)

with the two constant parameters

A1 = ILoad + ilink(t3)
ωdCsn

− δ

ωd
(VDC − Vsn0 + RsnILoad) − 2ωdLILoad and (A.95)

A2 = VDC − Vsn0 − RmainILoad. (A.96)
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A.4 Analytical Derivation of Active Snubber Turn-Off
Similar to Section A.3 this section shows the derivation including important considerations
and steps for the active snubber turn-off event.

VDC

Lmain

ilink

Rmain

iD2

SvDSaux

RsnvRsn

LsnhbvLsn

Csnvsn
isn

D

vsntot

Figure A.4.1: Active snubber turn-off equivalent circuit

isn

t1 t2 t3 t4

Figure A.4.2: Active snubber turn-off current and time intervals

A.4.1 Fundamental Equations
Definition of non-continuous equations:

Rmain =
RmainSkin : t1 ≤ t ≤ t4

0 : otherwise
(A.97)

iD2 =


ILoad : −∞ < t ≤ t2

ILoad − ILoad
t3−t2

· (t − t2) : t2 < t ≤ t3

0 : otherwise

(A.98)

Basic loop and node-equations:

ilink = isn + iD2 (A.99)

VDC = Lmain · ˙ilink + Rmain · ilink + Rsn · isn + Lsnhb · ˙isn + 1
Csn

∫
isn dt + Vsn0 (A.100)
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and rearranged for simplification to

∆vsntot = VDC − Vsn0

= Lmain · ˙ilink + Rmain · ilink + Rsn · isn + Lsn · ˙isn + 1
Csn

∫
isn dt.

(A.101)

With (A.99) inserted into (A.101) follows

∆vsntot =Lmain · ˙isn + Lmain · ˙iD2

+Rmain · isn + Rmain · ˙iD2

+Rsn · isn + Lsn · ˙isn + 1
Csn

∫
isn dt.

(A.102)

Further simplification with the definitions

L = Lmain + Lsn and R = Rmain + Rsn (A.103)

results in

∆vsntot = L · ˙isn + Lmain · ˙iD2 + R · isn + Rmain · iD2 + 1
Csn

∫
isn dt. (A.104)

The derivative leads to the in-homogeneous differential equation

0 =L · ïsn + Lmain · ¨iD2 + R · ˙isn + Rmain · ˙iD2 + isn

Csn

0 =ïsn + R

L
· ˙isn + isn

LCsn
homogeneous

+ Lmain

L
· ¨iD2 + Rmain

L
· ˙iD2 perturbation.

(A.105)

With the definitions of (A.7), the homogeneous equation can be solved similarly to (A.8)
as described in Section A.2. With the corresponding definitions

δ = R

2L
, (A.106)

ω2
0 = 1

LCsn
and (A.107)

ω2
d = δ2 − ω2

0, (A.108)

(A.15) can be written as the general solution with its derivatives and integral:

isn = K1 · e−δt cos(ωdt) + K2 · e−δt sin(ωdt) (A.109)
˙isn = −e−δt(cos(ωdt)(δK1 − K2ωd) + sin(ωdt)(K2δ + ωdK1)) (A.110)

ïsn = e−δt(cos(ωdt)(K1(δ2 − ω2
d) − 2δωdK2)

+ sin(ωdt)(K2(δ2 − ω2
d) + 2δωdK1)) (A.111)∫

isn dt = e−δt

ω2
0

(sin(ωdt)(K1ωd − δK2) − cos(ωdt)(K1δ + ωdK2)). (A.112)
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A.4.2 Solution for the First Interval
Interval: t1 ≤ t < t2
Due to ˙iD2(t1) = ¨iD2(t1) = 0 only the homogeneous part of (A.105) remains and the special
solution of (A.109) as the solution for this interval can be obtained with the following
initial conditions:

iD2(t1) = ILoad, (A.113)
isn(t1) = 0 and (A.114)∫

isn(t1) dt = 0. (A.115)

Approach:
With t = t1 = 0 the constant K1 for the first interval defined as K1I1 can be obtained
from (A.109)

K1I1 = 0 (A.116)

Furthermore, with the given initial conditions above, (A.104) simplifies to

∆VCsn0 = L · ˙isn + R · isn + Rmain · ILoad, (A.117)

which can be further simplified considering (A.106) to

∆VCsn0 − RmainILoad

L
= ˙isn + 2δisn (A.118)

By inserting (A.109) and (A.110) the following relation can be obtained

∆VCsn0 − RmainILoad

L
= − e−δt(cos(ωdt)(δK1I1 − K2I1ωd) + sin(ωdt)(K2I1δ + ωdK1I1))

+ 2δK1I1 · e−δt cos(ωdt) + 2δK2I1 · e−δt sin(ωdt).
(A.119)

With t = t1 = 0 this simplifies to

∆VCsn0 − RmainILoad

L
= K2I1ωd − δK1I1 + 2δK1I1 = δK1I1 + K2I1ωd. (A.120)

And finally, with respect to (A.116) the constant K2I1 can be calculated as

K2I1ωd = ∆VCsn0 − RmainILoad

L
or (A.121)

K2I1 = A0

ωd
. (A.122)

With the definition
A0 = ∆VCsn0 − RmainILoad

L
(A.123)

the final solution for the first interval can be written

isn(0 ≦ t < t2) = A0

ωd
· e−δt · sin(ωdt) (A.124)
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Capacitor voltage change
With the snubber current isn known from (A.124) the change in capacitor charge can be
calculated

∆QCsn =
∫

isn dt

= − A0

ωdω2
0
e−δt(δ sin(ωdt) + ωd cos(ωdt)),

(A.125)

resulting with the definite integral as a function of time in

∆QCsnI1 =
∫ t2

0
isn dt =

[
− A0

ωdω2
0
e−δt(δ sin(ωdt) + ωd cos(ωdt))

]t2

0

= − A0

ωdω2
0

[
e−δt2(δ sin(ωdt2) + ωd cos(ωdt2)) − ωd

]
.

(A.126)

From (A.126) the voltage change can be calculated by dividing through Csn and consid-
ering (A.107) follows

∆vCsn(t) = −A0 · L

ωd

[
e−δt2(δ sin(ωdt2) + ωd cos(ωdt2)) − ωd

]
. (A.127)

A.4.3 Solution for the Second Interval
Interval: t2 ≤ t < t3
First the initial conditions are calculated. From (A.98) the conditions for the drain current
are given with

iD2 = ILoad − ILoad

tf23
· (t − t2), (A.128)

˙iD2 = −ILoad

tf23
and (A.129)

¨iD2 = 0 (A.130)

under consideration of the drain current fall-time of tf23 = t3 − t2. Contrary to the
first interval, the perturbation function does not disappear and with the given initial
conditions, (A.105) becomes

Rmain

L

ILoad

tf23
= ïsn + 2δ · ˙isn + ω2

0isn. (A.131)

Here, the constant perturbation is Rmain
L

ILoad
tf23

.

Inserting (A.124), (A.129) and (A.126) into (A.104) and division by L leads to the
derivative

˙isn(t2) =A0 + LmainILoad

Ltf23
− 2 δ

ωd
A0e

−δt2 sin(ωdt2)

+ A0ω
2
0

ωdω2
0

[
e−δt(δ sin(ωdt2) + ωd cos(ωdt2)) − ωd

]
.

(A.132)

This simplifies to

˙isn(t2) = LmainILoad

Ltf23
− A0e

−δt2

(
δ

ωd
sin(ωdt2) − cos(ωdt2)

)
. (A.133)
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By inserting (A.124) and (A.133) into (A.131) the second derivative of the snubber current
can be calculated

ïsn =Rmain

L

ILoad

tf23
− 2δ

LmainILoad

Ltf23
+ 2δ2

ωd
A0e

−δt2 sin(ωdt2)

− 2δA0e
−δt2 cos(ωdt2) − ω2

0
ωd

A0e
−δt2 sin(ωdt2),

(A.134)

and with the simplified solution

ïsn =ILoad

Ltf23
(Rmain − 2δLmain) − 2δA0e

−δt2 cos(ωdt2)

+ A0

ωd
(2δ2 − ω2

0)e−δt2 sin(ωdt2),
(A.135)

the initial conditions are complete.

Approach:
The in-homogeneous differential equation with constant perturbation and its derivatives
are

isn = K1I2 · e−δ(t−t2) cos(ωd(t − t2)) + K2I2 · e−δ(t−t2) sin(ωd(t − t2)) + Kp1I2, (A.136)
˙isn = −e−δ(t−t2)(cos(ωd(t − t2))(δK1I2 − K2I2ωd) + sin(ωd(t − t2))(K2I2δ + ωdK1I2)),

(A.137)
ïsn = e−δ(t−t2)(cos(ωd(t − t2))(K1I2(δ2 − ω2

d) − 2δωdK2I2)
+ sin(ωd(t − t2))(K2I2(δ2 − ω2

d) + 2δωdK1I2)). (A.138)

(A.136) results with t = t2 in

isn(t = t2) = K1I2 + Kp1I2. (A.139)

By inserting (A.124) into the previous equation, K1I2 is given with

K1I2 = A0

ωd
· e−δt2 · sin(ωdt2) − Kp1I2. (A.140)

Similarly (A.137) results with t = t2 in

˙isn(t = t2) = −δK1I2 + K2I2ωd. (A.141)

Combination of (A.141), (A.133) and (A.140) leads to

K2I2ωd = LmainILoad

Ltf23
− A0e

−δt2
δ

ωd
sin(ωdt2) + A0e

−δt2 cos(ωdt2)

− A0e
−δt2

δ

ωd
sin(ωdt2) − δKp1I2

= LmainILoad

Ltf23
+ A0e

−δt2 cos(ωdt2) − δKp1I2.

(A.142)

Division by ωd gives

K2I2 = LmainILoad

ωdLtf23
+ A0

ωd
e−δt2 cos(ωdt2) − δ

ωd
Kp1I2. (A.143)
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With t = t2 (A.138) simplifies to

ïsn = K1I2(δ2 − ω2
d) − 2δωdK2I2. (A.144)

And with the results from (A.140) and (A.143) the following relation can be written

ïsn = δ2

ωd
A0 · e−δt2 · sin(ωdt2) − δ2Kp1I2

− ωdA0 · e−δt2 · sin(ωdt2) + ω2
dKp1I2

− 2δ
LmainILoad

Ltf23
− 2δA0e

−δt2 cos(ωdt2) + 2δ2Kp1I2.

(A.145)

Comparing (A.134) with (A.145) and eliminating equal therms leads to

Rmain

L

ILoad

tf23
+ δ2

ωd
A0e

−δt2 sin(ωdt2) − ω2
0

ωd
A0e

−δt2 sin(ωdt2)

= −ωdA0 · e−δt2 · sin(ωdt2) + Kp1I2(δ2 + ω2
d)

(A.146)

and further reduced with respect to (A.108)

Rmain

L

ILoad

tf23
− ωdA0e

−δt2 sin(ωdt2) = −ωdA0 · e−δt2 · sin(ωdt2) + Kp1I2ω
2
0. (A.147)

Subsequently, Kp1I2 can be calculated with (A.107) by

Kp1I2 = Rmain

Lω2
0

ILoad

tf23
= RmainCsn

ILoad

tf23
. (A.148)

To get the constants K1I2 and K2I2 the previous equation is inserted into (A.140) and
(A.143):

K1I2 = A0

ωd
· e−δt2 · sin(ωdt2) − RmainCsn

ILoad

tf23
, (A.149)

K2I2 = LmainILoad

ωdLtf23
+ A0

ωd
e−δt2 cos(ωdt2) − δ

ωd
RmainCsn

ILoad

tf23
. (A.150)

The snubber current can now be obtained by inserting (A.148)-(A.150) into the general
Equation (A.136) resulting in the complex equation

isn =
[
A0

ωd
· e−δt2 · sin(ωdt2) − RmainCsn

ILoad

tf23

]
· e−δ(t−t2) cos(ωd(t − t2))

+
[

LmainILoad

ωdLtf23
+ A0

ωd
e−δt2 cos(ωdt2) − δ

ωd
RmainCsn

ILoad

tf23

]
· e−δ(t−t2) sin(ωd(t − t2))

+ RmainCsn
ILoad

tf23

= A0

ωd
e−δt sin(ωdt2) cos(ωd(t − t2)) − RmainCsn

ILoad

tf23
e−δ(t−t2) cos(ωd(t − t2))

+ ILoad

tf23ωd

(
Lmain

L
− δRmainCsn

)
· e−δ(t−t2) sin(ωd(t − t2))

+ A0

ωd
e−δt cos(ωdt2) sin(ωd(t − t2)) + RmainCsn

ILoad

tf23
.

(A.151)
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Using the auxiliary calculations

sin(ωdt2) cos(ωd(t − t2)) = sin(ωdt2) [cos(ωdt) cos(ωdt2) + sin(ωdt) sin(ωdt2)] ,

= sin(ωdt2) cos(ωdt) cos(ωdt2) + sin(ωdt) sin(ωdt2)2

cos(ωdt2) sin(ωd(t − t2)) = cos(ωdt2) [sin(ωdt) cos(ωdt2) − cos(ωdt) sin(ωdt2)] ,

= sin(ωdt) cos(ωdt2)2 − cos(ωdt2) cos(ωdt) sin(ωdt2)

(A.152)

and
sin(ωdt2) cos(ωd(t − t2)) + cos(ωdt2) sin(ωd(t − t2))
= sin(ωdt) sin(ωdt2)2 + sin(ωdt) cos(ωdt2)2

= sin(ωdt),
(A.153)

the snubber current Equation (A.151) can be simplified to

isn(t2 ≦ t < t3) = A0

ωd
e−δt sin(ωdt) + RmainCsn

ILoad

tf23

[
1 − e−δ(t−t2) cos(ωd(t − t2))

]
+ ILoad

tf23ωd

(
Lmain

L
− δRmainCsn

)
· e−δ(t−t2) sin(ωd(t − t2)).

(A.154)
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Capacitor voltage change
To obtain the change of capacitor charge, (A.154) was integrated leading to

∆QCsnI2 =
∫ t3

t2
isn dt

= A0

ωd

∫ t3

t2
e−δt sin(ωdt) dt + RmainCsn

ILoad

tf23
(t3 − t2)

− RmainCsn
ILoad

tf23

∫ t3

t2
e−δ(t−t2)) cos(ωd(t − t2)) dt

+ ILoad

tf23ωd

(
Lmain

L
− δRmainCsn

) ∫ t3

t2
e−δ(t−t2)) sin(ωd(t − t2)) dt

= A0

ωdω2
0

[
e−δt2(δ sin(ωdt2) + ωd cos(ωdt2)) − e−δt3(δ sin(ωdt3) + ωd cos(ωdt3))

]
+ RmainCsn

ω2
0

ILoad

tf23
e−δ(t3−t2) (δ cos(ωd(t3 − t2)) − ωd sin(ωd(t3 − t2)))

− ILoad

tf23ωdω2
0

(
Lmain

L
− δRmainCsn

)
e−δ(t3−t2) [δ sin(ωd(t3 − t2)) + ωd cos(ωd(t3 − t2))]

+ ILoad

tf23

[
− δ

ω2
0
RmainCsn + 1

ωdω2
0

(
Lmain

L
− δRmainCsn

)
+ RmainCsn(t3 − t2)

]
.

(A.155)
The previous (A.155) is then added to (A.126) to get the change of charge at t = t3 with
respect to t1 following

∆QCsnI1I2 = ∆QCsn(t = t3) =
∫ t2

t1
isn dt +

∫ t3

t2
isn dt =

∫ t3

t1
isn dt

= − A0

ωdω2
0

[
e−δt2(δ sin(ωdt2) + ωd cos(ωdt2)) − ωd

]
+ A0

ωdω2
0

[
e−δt2(δ sin(ωdt2) + ωd cos(ωdt2)) − e−δt3(δ sin(ωdt3) + ωd cos(ωdt3))

]
+ RmainCsn

ω2
0

ILoad

tf23
e−δ(t3−t2) (δ cos(ωd(t3 − t2)) − ωd sin(ωd(t3 − t2)))

− ILoad

tf23ωdω2
0

(
Lmain

L
− δRmainCsn

)
e−δ(t3−t2) [δ sin(ωd(t3 − t2)) + ωd cos(ωd(t3 − t2))]

+ ILoad

tf23

[
− δ

ω2
0
RmainCsn + 1

ωdω2
0

(
Lmain

L
− δRmainCsn

)
+ RmainCsn(t3 − t2)

]
,

(A.156)
which can be simplified under additional consideration of tf23 = t3 − t2 to

∆QCsnI1I2 = A0

ω2
0

[
1 − e−δt3

(
δ

ωd
sin(ωdt3) + cos(ωdt3)

)]
+ RmainCsnILoad

+ ILoad

tf23ω2
0

[(
Lmain

L
− 2δRmainCsn

) (
1 − e−δtf23 cos(ωdtf23)

)]

− ILoad

tf23ω2
0

[(
RmainCsn

(
ωd − δ2

ωd

)
+ δLmain

ωdL

)
e−δtf23 sin(ωdtf23)

]
.

(A.157)
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By division through the snubber capacitance and with respect to (A.107), the total snub-
ber voltage change at t = t3 can be calculated with

∆VCsn(t = t3) = A0L

[
1 − e−δt3

(
δ

ωd
sin(ωdt3) + cos(ωdt3)

)]
+ RmainILoad

+ ILoad

tf23

[(
Lmain − 2δ

ω2
0
Rmain

)(
1 − e−δtf23 cos(ωdtf23)

)]

− ILoad

tf23

[(
Rmain

ω2
0

(
ωd − δ2

ωd

)
+ δ

ωd
Lmain

)
e−δtf23 sin(ωdtf23)

]
.

(A.158)

A.4.4 Solution for the Third Interval
Interval: t3 ≤ t < t4
First the already defined initial conditions for t = t3 are given

iD2(t3) = 0 = ˙iD2(t3) = ¨iD2(t3) (A.159)

Hence, (A.104) divided by L can be written as

∆Vsn0

L
= ˙isn(t3) + 2δ · isn(t3) + ω2

0

∫ t3

t1
isn dt. (A.160)

Further, the derivative of the snubber current can be calculated respectively

˙isn(t3) = ∆Vsn0

L
− 2δ · isn(t3) − ω2

0

∫ t3

t1
isn dt. (A.161)

Considering (A.154) and (A.157) the snubber current gradient can be calculated at
t = t3 to

˙isn(t3) = ∆Vsn0

L

− 2δ

ωd
A0e

−δt3 sin(ωdt3) − 2δRmainCsn
ILoad

tf23

[
1 − e−δtf23 cos(ωdtf23)

]
− 2δ

ILoad

tf23ωd

(
Lmain

L
− δRmainCsn

)
· e−δtf23 sin(ωdtf23)

− A0

[
1 − e−δt3

(
δ

ωd
sin(ωdt3) + cos(ωdt3)

)]
− Rmain

L
ILoad

− ILoad

tf23

[(
Lmain

L
− 2δRmainCsn

) (
1 − e−δtf23 cos(ωdtf23)

)]
+ ILoad

tf23

[(
RmainCsn

(
ωd − δ2

ωd

)
+ δLmain

ωdL

)
e−δtf23 sin(ωdtf23)

]
.

(A.162)

And simplified by eliminating double therms

˙isn(t3) = A0e
−δt3

(
cos(ωdt3) − δ

ωd
sin(ωdt3)

)
− LmainILoad

Ltf23

+ ILoad

tf23
e−δtf23

[
Lmain

L
cos(ωdtf23) +

(
RmainCsn

(
ωd + δ2

ωd

)
− δLmain

ωdL

)
sin(ωdtf23)

]
,

(A.163)
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the approach can be made.

Approach:

isn = K1I3 · e−δ(t−t3) cos(ωd(t − t3)) + K2I3 · e−δ(t−t3) sin(ωd(t − t3)), (A.164)
˙isn = −e−δ(t−t3)(cos(ωd(t − t3))(δK1I3 − K2I3ωd) + sin(ωd(t − t3))(K2I3δ + ωdK1I3)),

(A.165)

which simplifies for the initial value problem with t = t3 to

isn(t3) = K1I3, (A.166)
˙isn(t3) = K2I3ωd − δK1I3. (A.167)

K1I3 can be immediately calculated with (A.154) to

K1I3 = isn(t3)

= A0

ωd
e−δt3 sin(ωdt3) + RmainCsn

ILoad

tf23

[
1 − e−δtf23 cos(ωdtf23)

]
+ ILoad

tf23ωd

(
Lmain

L
− δRmainCsn

)
· e−δtf23 sin(ωdtf23)

(A.168)

and K2I3 using (A.168) and (A.163) resulting in

K2I3 =
˙isn(t3)
ωd

+ δ

ωd
K1I3

= A0

ωd
e−δt3

(
cos(ωdt3) − δ

ωd
sin(ωdt3)

)
− LmainILoad

ωdLtf23

+ ILoad

ωdtf23
e−δtf23

[
Lmain

L
cos(ωdtf23) +

(
RmainCsn

(
ωd + δ2

ωd

)
− δLmain

ωdL

)
sin(ωdtf23)

]

+ δA0

ω2
d

e−δt3 sin(ωdt3) + δRmainCsn

ωd

ILoad

tf23

[
1 − e−δtf23 cos(ωdtf23)

]
+ δILoad

ωdtf23

(
Lmain

L
− δRmainCsn

)
· e−δtf23 sin(ωdtf23).

(A.169)
With simplification this yields in

K2I3 = A0

ωd
e−δt3 cos(ωdt3) − ILoad

ωdtf23

(
Lmain

L
− δRmainCsn

)
+ ILoad

ωdtf23
e−δtf23

[(
Lmain

L
− δRmainCsn

)
· cos(ωdtf23) + RmainCsnωd sin(ωdtf23)

]
.

(A.170)
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Subsequently, the snubber current can be calculated by inserting (A.168) and (A.170)
into (A.164) as

isn(t3 ≦ t < t4) =
{

A0

ωd
e−δt3 sin(ωdt3).

+ RmainCsn
ILoad

tf23

[
1 − e−δ(t3−t2) cos(ωd(t3 − t2))

]
+ ILoad

tf23ωd

(
Lmain

L
− δRmainCsn

)
· e−δ(t3−t2) sin(ωd(t3 − t2))

}
· e−δ(t−t3) cos(ωd(t − t3))

+
{

A0

ωd
e−δt3 cos(ωdt3) − ILoad

ωdtf23

(
Lmain

L
− δRmainCsn

)
+ ILoad

ωdtf23
e−δ(t3−t2)

[(
Lmain

L
− δRmainCsn

)
· cos(ωd(t3 − t2))

+ RmainCsnωd sin(ωd(t3 − t2))
]}

· e−δ(t−t3) sin(ωd(t − t3)).

(A.171)

And with addition theorems

isn(t3 ≦ t < t4) =
[
− A0

2ωd
e−δt sin(ωd(t − 2t3)) + A0

2ωd
e−δt sin(ωdt)

+ RmainCsn
ILoad

tf23
e−δ(t−t3) cos(ωd(t − t3))

− RmainCsn
ILoad

2tf23
e−δ(t−t2) cos(ωd(t − 2t3 + t2))

− RmainCsn
ILoad

2tf23
e−δ(t−t2) cos(ωd(t − t2))

− ILoad

2ωdtf23

(
Lmain

L
− δRmainCsn

)
e−δ(t−t2) sin(ωd(t − 2t3 + t2))

+ ILoad

2ωdtf23

(
Lmain

L
− δRmainCsn

)
e−δ(t−t2) sin(ωd(t − t2))

]
+
[

A0

2ωd
e−δt sin(ωdt) + A0

2ωd
e−δt sin(ωd(t − 2t3))

− ILoad

ωdtf23

(
Lmain

L
− δRmainCsn

)
e−δ(t−t3) sin(ωd(t − t3))

+ ILoad

2ωdtf23

(
Lmain

L
− δRmainCsn

)
e−δ(t−t2) sin(ωd(t − 2t3 + t2))

+ ILoad

2ωdtf23

(
Lmain

L
− δRmainCsn

)
e−δ(t−t2) sin(ωd(t − t2))

+ RmainCsn
ILoad

2tf23
e−δ(t−t2) cos(ωd(t − 2t3 + t2))

−RmainCsn
ILoad

2tf23
e−δ(t−t2) cos(ωd(t − t2))

]

(A.172)
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can be simplified to

isn(t3 ≦ t < t4) = A0

ωd
e−δt sin(ωdt) + RmainCsn

ILoad

tf23

[
e−δ(t−t3) cos(ωd(t − t3))

−e−δ(t−t2) cos(ωd(t − t2))
]

+ ILoad

ωdtf23

(
Lmain

L
− δRmainCsn

)
·
[
e−δ(t−t2) sin(ωd(t − t2)) − e−δ(t−t3) sin(ωd(t − t3))

]
.

(A.173)

Capacitor voltage change
Similar to the two previous intervals, the snubber capacitor change in charge is calculated
first. Later, the result is summed to (A.157) to obtain the total change in charge over all
intervals. The charge deviation within this interval can be calculated according to

∆QCsnI3 =
∫ t4

t3
isn dt

= A0

ωd

∫ t4

t3
e−δt sin(ωdt) dt + RmainCsn

ILoad

tf23

·
∫ t4

t3
e−δ(t−t3) cos(ωd(t − t3)) − e−δ(t−t2) cos(ωd(t − t2)) dt

+ ILoad

ωdtf23

(
Lmain

L
− δRmainCsn

)
·
∫ t4

t3
e−δ(t−t2) sin(ωd(t − t2)) − e−δ(t−t3) sin(ωd(t − t3)) dt

=
(

ωdRmainCsn + δLmain

ωdL
− δ2RmainCsn

ωd

)
ILoad

ω2
0tf23

[
e−δ(t4−t3) sin(ωd(t4 − t3))

+ e−δ(t3−t2) sin(ωd(t3 − t2)) − e−δ(t4−t2) sin(ωd(t4 − t2))
]

+
(

Lmain

L
− 2δRmainCsn

)
ILoad

ω2
0tf23

[
e−δ(t3−t2) cos(ωd(t3 − t2))

−e−δ(t4−t2) cos(ωd(t4 − t2)) + e−δ(t4−t3) cos(ωd(t4 − t3)) − 1
]

+ A0δ

ωdω2
0

[
e−δt3 sin(ωdt3) − e−δt4 sin(ωdt4)

]
+ A0

ω2
0

[
e−δt3 cos(ωdt3) − e−δt4 cos(ωdt4)

]
− ILoad

ω2
0tf23

(
Lmain

L
− 2δRmainCsn

)
,

(A.174)
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which is added to the charge deviation of all previous intervals according to (A.157)
leading to

∆QCsnI1I2I3 =
∫ t3

t1
isn dt +

∫ t4

t3
isn dt

= RmainCsnILoad + A0

ω2
0

[
1 − e−δt4

(
δ

ωd
sin(ωdt4) + cos(ωdt4)

)]

+
(

ωdRmainCsn + δLmain

ωdL
− δ2RmainCsn

ωd

)
ILoad

ω2
0tf23

·
[
e−δ(t4−t3) sin(ωd(t4 − t3)) − e−δ(t4−t2) sin(ωd(t4 − t2))

]
+
(

Lmain

L
− 2δRmainCsn

)
ILoad

ω2
0tf23

·
[
e−δ(t4−t3) cos(ωd(t4 − t3)) − e−δ(t4−t2) cos(ωd(t4 − t2))

]
.

(A.175)

(A.175) allows to calculate the snubber voltage change from t2 to t4 by dividing it through
Csn.

∆vCsnI1I2I3 = RmainILoad + A0L

[
1 − e−δt4

(
δ

ωd
sin(ωdt4) + cos(ωdt4)

)]

+
(

ωd

ω2
0
Rmain + δLmain

ωd
− δ2Rmain

ωdω2
0

)
ILoad

tf23

·
[
e−δ(t4−t3) sin(ωd(t4 − t3)) − e−δ(t4−t2) sin(ωd(t4 − t2))

]
+
(

Lmain − 2δ

ω2
0
Rmain

)
ILoad

tf23

·
[
e−δ(t4−t3) cos(ωd(t4 − t3)) − e−δ(t4−t2) cos(ωd(t4 − t2))

]
.

(A.176)

Deriving optimal timing
The end of the switching event which is defined by Isn = 0 A, can be calculated by setting
(A.173) to zero at t = t4 yielding

isn(t4) = A0

ωd
e−δt4 sin(ωdt4) + RmainCsn

ILoad

tf23

[
e−δ(t4−t3) cos(ωd(t4 − t3))

−e−δ(t4−t2) cos(ωd(t4 − t2))
]

+ ILoad

ωdtf23

(
Lmain

L
− δRmainCsn

)
·
[
e−δ(t4−t2) sin(ωd(t4 − t2)) − e−δ(t4−t3) sin(ωd(t4 − t3))

]
= 0 A.

(A.177)

Rearranging the equation and by using the two constant values

K1t3 =ωdRmainCsn
(
eδt3 cos(ωdt3) − eδt2 cos(ωdt2)

)
+
(

L

Lres
− δRmainCsn

) (
eδt3 sin(ωdt3) − eδt2 sin(ωdt2)

) and (A.178)

K2t3 =ωdRmainCsn
(
eδt3 sin(ωdt3) − eδt2 sin(ωdt2)

)
A0

tf23

ILoad
+
(

L

Lres
− δRmainCsn

) (
eδt2 cos(ωdt2) − eδt3 cos(ωdt3)

)
,

(A.179)
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to obtain t4 results in

t4 =
arctan

(
−K1t3

K2t3

)
ωd

+ n
π

ωd
+ t3. (A.180)

Here, n ∈ N0.
To eliminate the load current dependency of t4, see K2t3, K1t3 can be set to zero which
can be achieved by proper selection of t3 as follows

0 =ωdRmainCsn
(
eδt3 cos(ωdt3) − eδt2 cos(ωdt2)

)
+
(

L

Lres
− δRmainCsn

) (
eδt3 sin(ωdt3) − eδt2 sin(ωdt3)

)
.

(A.181)

Rearranging and setting t3 = t2 + tf23 results in

− ωdRmainCsn(
L

Lres
− δRmainCsn

) = K3t3

= eδ(t2+tf23) cos(ωd(t2 + tf23)) − eδt2 cos(ωdt2)
eδ(t2+tf23) sin(ωd(t2 + tf23)) − eδt2 sin(ωdt2)

.

(A.182)

Eliminating the term eδt2 and using addition theorems lead to

K3t3 = eδtf23 [tan(ωdt2) cos(ωdtf23) + sin(ωdtf23)] − tan(ωdt2)
eδtf23 [cos(ωdtf23) − tan(ωdt2) sin(ωdtf23)] − 1 . (A.183)

And rearranging previous equation to t2 results in the optimal point in time t2opt for
current independent t4

t2opt =
arctan

(
eδtf23 {−K3t3 cos(ωdtf23)−sin(ωdtf23)}+K3t3

eδtf23 {−K3t3 sin(ωdtf23)+cos(ωdtf23)}−1

)
ωd

. (A.184)
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A.5 Determining the Thermal Resistance
Heat dissipation is a key factor for achieving maximum output power [147, 148]. Hence,
the thermal resistance must be determined first. Figure A.5.1 shows the module heat sink
assembly with the corresponding layer thicknesses.

Bond

Chip
Solder

Cu

Al2O3

Cu
Thermal grease

Heat sink

100 µm

80 µm

300 µm

320 µm

300 µm

60 µm

Figure A.5.1: Vertical layer arrangement
from bond wire to heat sink

For calculation, the following assump-
tions and agreements are made:

• The semiconductor losses occur at
the top-side of the chip close to the
channel

• Heat dissipation through the bond
wires can be neglected

• Thermal spreading as described in
e.g. [149] is neglected

• The sum of the heat dissipation re-
lated area of all four paralleled dies
is Aheat = 100 mm2

• The heat sink has a constant temper-
ature of ϑHS = 65 ◦C

• Thermal conductivity is temperature
independent

With the agreements above and the given
measurements of the thermal layer arrangement in Fig. A.5.1, the thermal resistance of
the total structure can be calculated. Table A.2 shows the results with the two most
significant contributors, the ceramic and the thermal grease.

Table A.2: Thermal stack

Layer Material λ [W/cmK] d [µm] Rth [mK/W ]

Chip SiC 3.7a 100 27
Solder Sn96.5/Ag3.0/Cu0.5 ≈6.7 80 15

Substrate top Cu 38.5b 300 7.8
Ceramic Al2O3 2.4c 320 133.3

Substrate bottom Cu 38.5b 300 7.8
Th. grease HTCP 0.25d 60 240

Total 431

References: a:[4, 44], b:[150] , c:[151] , d:[152]

Another important thermal resistance considers the heat dissipation from the snubber
capacitors. However, due to missing supplier information, the thermal resistance of the
ceramic class I capacitor can only be estimated. In Section 2.5, it has been stated that
class I capacitors consist of calcium zircon oxides and in Section 4.1.1, a class I capacitor
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has been selected due to its low ESR. The specific thermal conductivity for this ceramics
in the desired temperature range can be found in [153] within the range of 0.2 W/cmK to
0.35 W/cmK. For calculation, a value of λCaZr = 0.25 W/cmK shall be used.

First, the thermal resistance for one of the two capacitor assemblies for each snubber
lCap

hCap

heat-flow
Capacitor
assembly

Solder

Cu
Al2O3

wSP wSPAthEff

Figure A.5.2: Cross section of a capacitor assembly soldered to the power module sub-
strate with heat flow assumed for modelling

path forming Csn, cf. Fig. 4.6 is estimated. With the datasheet of the capacitors used
[99], the measurements of the assembly can be calculated with a length lCap = 5.7 mm, a
width of wCap = 5.6 mm and a height of hCap = 5.0 mm. A cross section of a capacitor
assembly soldered on the ceramic substrate of the power module is depicted in Fig. A.5.2.
For calculation, it is assumed that the power losses during oscillation occur at the center
line of the device. Because heat is dissipated to each solder joint the heat flows non-lateral
to the solder joints symmetrically to both sides. This results in a smaller effective area
assumed to be 70 % of the capacitor assembly with wCap · hCap for heat-flow AthEff , cf.
Fig. A.5.2 considering the figure depth equal to wCap. With the measurements of the
capacitor assembly, the effective area is approximated to

AthEff ≈ wCap · 2 · 0.7hCap ≈ 5.6 mm · 2 · 3.5 mm = 39.2 mm2. (A.185)

Further, assuming a mean distance for heat transfer to each terminal inside the capacitor
of lCap

2 = 2.85 mm, the thermal resistance for each capacitor assembly can be estimated
to

RthCapSp = d

λCaZrAthEff
= 2.85 · 10−3 m

2.5 W
mK · 39.2 · 10−6 m2 = 29.1 K/W. (A.186)

With the width of the solder pads of wSP = 1.5 mm, see [99], each capacitor assembly is
soldered to the substrate top layer with a total area for both solder pads of

AthCsold = 5.6 mm · 2 · 1.5 mm = 16.8 mm2. (A.187)

With the layer assembly given in Table A.2, the thermal resistance from capacitor assem-
bly including solder joints to heat sink can be calculated to

RthSpHs = 2.4 K/W. (A.188)
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This results in a total thermal resistance for each capacitor assembly of

RthCapHs = RthCapSp + RthSpHs = 29.1 K/W + 2.4 K/W = 31.5 K/W. (A.189)

Now, treating both paralleled snubber paths as a single device, the thermal resistance of
the snubber Csn can be calculated to

RthSn = RthCapHs

2 = 30.8 K/W
2 = 15.4 K/W. (A.190)

It should be kept in mind that this value is based on various assumptions and needs to
be verified. Thus, it can only be taken as a rough estimation.
In the corresponding datasheet [99], it can be found that the used 39 nF capacitor for 2220
size is capable for an root-mean-square (RMS) current of around IACrms = 7 A within a
wide frequency range. With the given measurement conditions at ambient temperature,
a maximum device temperature of ϑCapMax = 150 ◦C as well as the ESR measurement
of Npar = 4 paralleled capacitors according Fig. 4.2 with ESRpar ≈ 4 mΩ the thermal
resistance for the capacitor assembly consisting of four devices can be estimated to

RthCapSp = ϑCapMax − ϑAmb

N2
parESRparI2

ACrms
= 150 ◦C − 25 ◦C

16 · 4 mΩ · (7 A)2 ≈ 40 K/W (A.191)

However, in [99] it has been stated that the devices are mounted on a heat sink with no
forced cooling. Additionally, it has not been stated whether the devices are mounted in
’low loss’ or ’standard’ manner according to [154]. Therefore, in case the heat sink suf-
fers from temperature increase, (A.191) would result in a lower value. Further, it is not
clear, how the device was mounted and how the mounting orientation affects the thermal
resistance. Therefore, (A.186) shall be trusted and is taken for capacitor temperature
estimation.
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A.6 Inverter Calculation Scheme
This section describes the calculation scheme used to estimate the expectable parameters
during inverter operation of the three investigated setups. To calculate the power losses
for a drive inverter with sinusoidal output voltage and current, various parameters have
to be considered. Besides the semiconductor specific switching losses, cf. Section 5.3.3,
the conduction losses have to be considered as well as the modulation index M and
the cos(φ). A calculation scheme for an IGBT/diode connection can be found in [155]
P. 283ff. However, the IGBT and diode forming a ’system’ are usually connected in
parallel resulting in losses dissipated at two different locations with two different but
coupled thermal resistances. While the calculation scheme given by [155] considers this,
the MOSFET body diode used as the free wheeling diode eases the calculation.
The scheme given in [155] calculates the turn-on, turn-off and diode recovery losses at
different operation points by relative scaling of losses according to a reference voltage and
current point with

PswOn/Off = fswWon/off
ÎLoad

πILoadRef

(
VDC

VDCref

)KV

(1 + TCWsw · (ϑJ − ϑref)) (A.192)

and

PswRec = fswWrec

(
ÎLoad

πILoadRef

)KI (
VDC

VDCref

)KV

(1 + TCWsw · (ϑJ − ϑref)). (A.193)

However, because the power coefficients KV and KI used in the scaling therms are un-
known, the voltage and current dependency is considered by using the already measured
values from Section 5.3.3. Furthermore, the temperature coefficient TCWsw of the switch-
ing losses is not considered. Because this value cannot be estimated for the hypothetical
optimized MOSFET setup with improved RDSon, the RDSon is taken to be temperature
independent. This necessitates a modification of the given scheme in the manner shown
below.
First, the switching losses for all inverter variants are derived by fitting a second order
polynomial model to the measured switching losses presented in Section 5.3.3 and the
on-state resistance given in Section 5.3.5. The resulting model coefficients are given in
Table C.1. Now, the equations according to [155] can be written as follows.
The conduction loss for a current flow in drain-source direction can be simplified to

PcondDS(ILoad) =
(

1
8 + M cos(φ)

3π

)
· RDSon(ILoad)Î2

Load, (A.194)

where ÎLoad is the peak load current, Iload the RMS load current. The modulation index
M is defined as

M = v̂phase

VDC/2 , (A.195)

with the peak phase voltage v̂phase with respect to the potential VDC/2. Contrary to that,
the conduction loss for inverse current flow is calculated by

PcondSD(ILoad) =
(

1
8 − M cos(φ)

3π

)
· RDSon(ILoad)Î2

Load. (A.196)
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It has been stated that both snubber circuits strongly reduce the voltage overshoot during
turn-off with a maximum voltage peak below of v̂DS < 1000 V, cf. Fig. 5.1. Thus, the
currently used MOSFET device with a specified breakdown voltage of VBDspec = 1200 V
can be optimized in terms of lower breakdown voltage and improved on-state resistance.
As introduced in Section 2.1.3, the on-state resistance of the ideal drift region with equal
semiconductor properties is a function of V 2

BD. This allows to estimate the conduction
losses of an optimized device by multiplying (A.194) and (A.196) by the factor

γ =
(

v̂DS

VBDspec

)2

=
(

1000 V
1200 V

)2

= 0.69, (A.197)

which indicate a reduction in conduction losses of about 30 %.

To fully calculate the semiconductor losses, the switching losses are calculated as

PswOff(ILoad) = Woff(ILoad)fsw, (A.198)
PswOn(ILoad) = Won(ILoad)fsw and (A.199)

PswRec(ILoad) = Wrec(ILoad)fsw. (A.200)

This allows to formulate the losses dissipated in the semiconductor for each configuration
with

PsemHB(ILoad) =PcondDS(ILoad) + PcondSD(ILoad)
+ PswOff(ILoad) + PswOn(ILoad) + PswRec(ILoad),

(A.201)

PsemSN(ILoad) =PcondDS(ILoad) + PcondSD(ILoad)
+ PswOffSN(ILoad) + PswOnSN(ILoad) + PswRecSN(ILoad),

(A.202)

PsemSNo(ILoad) = (PcondDS(ILoad) + PcondSD(ILoad)) γ

+ PswOffSN(ILoad) + PswOnSN(ILoad) + PswRecSN(ILoad),
(A.203)

PsemAS(ILoad) =PcondDS(ILoad) + PcondSD(ILoad)
+ PswOffAS(ILoad) + PswOnAS(ILoad) + PswRecAS(ILoad) and

(A.204)

PsemASo(ILoad) = (PcondDS(ILoad) + PcondSD(ILoad)) γ

+ PswOffAS(ILoad) + PswOnAS(ILoad) + PswRecAS(ILoad).
(A.205)

Similarly, the damping and snubber losses have to be calculated. The damping losses
are obtained as described in Section 4.1.3 and are modeled as a function of ILoad similarly.
As shown in Section 5.3.4, the damping losses for the halfbridge are negligible compared
to the damping losses in both snubber setups. Therefore, the damping losses only for the
snubber setups are considered with equations

PdampSN(ILoad) = fsw · (WdampOffSN(ILoad) + WdampRecSN(ILoad)) and (A.206)
PdampAS(ILoad) = fsw · (WdampOffAS(ILoad) + WdampRecAS(ILoad)) . (A.207)

Further, it has been already explained that the damping losses caused by the lower fre-
quency high amplitude snubber oscillation are mainly dissipated in the DC-link circuit,
cf. Section 2.4.1. To obtain the snubber losses as a fraction of the damping losses, the
occurring damping losses are proportionally rated with the relation 0.5 · Rsn/Rd consid-
ering the oscillation frequency according (4.7), and both paralleled capacitor assemblies.
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Hence, the relation can be calculated with the effective damping resistor according (4.9)
and (4.12) giving

βSN = Rsn(1.44 MHz)
2RdSN

= 3.2 mΩ
2 · 49 mΩ = 33 · 10−3 and (A.208)

βAS = Rsn(1.44 MHz)
2RdAS

= 3.2 mΩ
2 · 59 mΩ = 27 · 10−3. (A.209)

This allows to calculate the snubber capacitor losses from the damping losses with

PcapSN(ILoad) = PdampSN(ILoad) · βSN, (A.210)
PcapAS(ILoad) = PdampAS(ILoad) · βAS (A.211)

and finally the total losses for all setups within a three phase setup with six switches is
calculated by

PtotHB(ILoad) =6 · PsemHB(ILoad), (A.212)
PtotSN(ILoad) =6 · PsemSN(ILoad) + PdampSN(ILoad), (A.213)

PtotSNo(ILoad) =6 · PsemSNo(ILoad) + PdampSN(ILoad), (A.214)
PtotAS(ILoad) =6 · PsemAS(ILoad) + PdampAS(ILoad) and (A.215)

PtotASo(ILoad) =6 · PsemASo(ILoad) + PdampAS(ILoad). (A.216)

The inverter output power is calculated with the well known equation

Pout =
√

3 · VphaseIrms cos(φ), (A.217)

where Irms is the RMS phase current and Vphase is obtained with

Vphase =
√

3
2

VDC

2 M, (A.218)

as the effective inverter output voltage with respect to half of the DC-link voltage, see
[155].
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B Detailed Setup Description

B.1 Gate Driver
In this section, the gate driver design used for the double pulse measurements is explained.
The gate driver is desiged to be a conventional power stage without special controlling
features. However, due to the target of enabling fastest switching, the gate driver must
be capable of providing high peak gate currents to quickly charge and discharge the gate-
source capacitance of the corresponding power semiconductor. A low impedance gate-
circuit is necessary to keep control of the switching device [156] and suppress parasitic
turn-on [157, 158]. The corresponding schematic of its power stage is depicted in Figure
B.1.1. The main power stage for fast switching consists of a push-pull circuit with three
paralleled MOSFETs, see red area in Fig. B.1.1 T3, T6, T8 for turn-on and T4, T7, T9
for turn-off. The maximum achievable output peak current, limited by the transistors
with an ideal zero impedance gate circuit has been simulated to be 60 A. However, the
gate circuit parasitics of the real setup, estimated to be LG ≈ 35 nH and Ciss ≈ 20 nF, is
the limiting factor with a characteristic impedance of

ZG ≈
√

35 nH
20 nF = 1.3 Ω. (B.1)

Additionally, the two parallel resistors R15 and R16 are used as RGon and the two resistors
R17 and R18 are used as RGoff . Further, the gate driver is equipped with a rail-to-rail
stage, see blue area in Fig. B.1.1, which shall improve the on-state resistance of the power
semiconductor during inverter operation. However, this feature has not been used in this
work.
Because a fast turn-off during short circuit may lead to a significant overshoot above the
specified semiconductor maximum voltage, the power stage is equipped with a soft turn-
off element, see green area in Fig. B.1.1, in which a higher RGoff can be activated, cf.
Fig. B.1.1 R14. Both transistors, T5 and T10 are in conduction state acting as a short
circuit over R14. During short circuit turn-off, they are turned off and the gate discharge
current flows through R14.

Figure B.1.1: Laboratory driver power stage
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Optical input

Supply

Cap. bank
P.stage top

P.stage bot.
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Rgoff

To gate

To sourceGalv. Insulation

Figure B.1.2: Laboratory driver, top and bottom view

The four layer PCB is shown in Fig. B.1.2. The power stage is supplied by a DC-DC
converter with 20 V/−5 V, while the control signal is provided via a fiber optic connection
translated to the high voltage side by a driver IC of type 1EDI60N12AF.

380 µm

710 µm

380 µm

Figure B.1.3: Driver PCB layers

The layer arrangement was chosen to be very
close to each other to ensure a low inductive
path in the power sage to the gate-source ter-
minal. Layer 2 was chosen to be the source
potential to provide a symmetric axis for the
positive driver voltage on layer 1 and the neg-
ative driver voltage on layer 15 and 16. Fur-
ther control signals are routed on layer 15 and
16 with respect to not interrupt a laminar cur-
rent flow in other layers between the gate-source
connection, the power stage transistors and the
capacitor bank.
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Figure B.2.1: Double pulse setup

B.2 Basic Measurement Setup
This section describes the setup used for double pulse measurements. Figure B.2.1 gives
an overview showing all relevant components. The type of components commercially
available are given in Table B.1. The DC-link capacitor is connected through a copper
band shaped conductor (bus bar) to the power module. To vary the setup inductance for
the comparison measurement, the manner of connection from the bus bar to the DC-link
capacitor was altered with spacers. The connection to the power module was designed
to have a deliberately large stray inductance, which can be noticed in Figure B.2.2 with
a wide distance between the DC+ and DC- module terminal. The compact gate driver
described in B.1, is mounted to the low-side system of the halfbridge in a vertical manner
to free space for the connection of the passive voltage probes.
The high-side system, from which only the body diode is used, is kept in blocking state
with a −9 V gate source voltage provided by a battery and buffered with 3 · 33 nF class
II ceramic capacitors as shown in Figs. B.2.1 and B.2.2.
The driver of the auxiliary switch is connected with a 2 cm RG316 coaxial wire as adap-
tation to the corresponding gate-source pins, see Fig. B.2.2.

The measurement of the gate-source and drain-source voltages was done with passive
voltage probes. Further, the connection of the reference potential was done using springs
to ensure a very small coupling loop and low noise signal measurement. Due to the differ-
ent reference potential of each passive probe as well as the coaxial shunt, undesired circular
currents can be expected. Therefore, each passive probe is equipped with a toroidal ferrit
core with adequate frequency behavior and 5 turns close to the oscilloscope connector.

The measurement of the DC-link current was done using a coaxial shunt in the negative
DC-link path. As it can be noticed in Figure B.2.2 the current from the module is flowing
through the inner side contact of the shunt first and then through the outside to the DC-
potential. This lead to a negative output signal, which was inverted mathematically. An
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Table B.1: Setup components

Vendor Type Component

TDK B25655 900 V, 15 nH, 120 µF DC-link capacitor
Pemuk CWT6B-UM isn/2, Rogowski 30 MHz
PMK PHV-1000 vDS2, vGS, passive voltage probe with 400 MHz

ib-Billmann SBNC A-2-01 ilink, Coaxial shunt 400 MHz
Ferroxcube T107/65/26-3F3 Ferrit toroid

insulation paper is used to prevent a short circuit between the negative DC copper stripe
from the bus bar to the DC-minus terminal of the module, which would short circuit the
current shunt. The current shunt is connected to the oscilloscope with a 50 Ω terminator
necessary to prevent reflections. It should be noted that the shunt is not equipped with
a toroidal ferrit core acting as a common mode choke because a negative effect on the
signal quality was noticed during the first measurements, which might be explained by
additional parasitics caused by the windings lead to a mismatched signal termination.
However, this was not investigated further.

As mentioned in Section 4.1.3, the current of only one of the two paralleled snubber

AC contact

Bus bar

DC+

DC-

High side gate supply
with buffer cap Coax. shunt

Aux. driver
connection

One of two snubber capacitor assemblies

Measuremet of half snubber current

Figure B.2.2: Module and probe connection

capacitors was measured. As it can be seen in Fig. B.2.2, a small Rogowski coil was
mounted at the bond wires of one of the two paralleled auxiliary switches. However,
influence of the limited bandwidth of commercially available Rogowski coils small enough
for this kind of mounting was already discussed in Sect. 4.2.
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C Documented Data

C.1 Model Coefficients for Loss Estimation
In this section, the parameters of the models used for inverter loss estimation are docu-
mented. Each model is described as a function of ILoad according following equation

Model(ILoad) = a2I
2
Load + a1ILoad + a0 (C.1)

Table C.1: Model coefficients for loss estimation

Model a0 a1 a2 R2
adj

RDSon 3.75 · 10−3 Ω 1.0283 · 10−6 Ω/A 0 0.953
RSDon 3.769 · 10−3 Ω −1.931 · 10−7 Ω/A 0 0.541
WoffHB 0 J 2.42 · 10−5 J/A 5.2 · 10−8 J/A2

WonHB 176 · 10−6 J 1.21 · 10−5 J/A −2.12 · 10−8 J/A2 0.938
WrecHB 748 · 10−6 J 8.6745 · 10−9 J/A 0 −0.998
WoffSN 528 · 10−6 J 3.6703 · 10−6 J/A 0 0.765
WonSN 375 · 10−6 J 1.4127 · 10−5 J/A 0 0.998
WrecSN 397 · 10−6 J −7.9507 · 10−7 J/A 0 0.423

WdampOffSN 9.4131 · 10−6 J −3.4821 · 10−7 J/A 1.877 · 10−8 J/A2

WdampRecSN 1.4684 · 10−5 J −1.0152 · 10−7 J/A 1.4353 · 10−8 J/A2

WoffAS 516 · 10−6 J 4.4144 · 10−6 J/A 0 0.851
WonAS 184 · 10−6 J 1.1215 · 10−6 J/A 0 0.963
WrecAS 671 · 10−6 J 3.9353 · 10−7 J/A 0 −0.823

WdampOffAS 7.1395 · 10−5 J 7.1241 · 10−8 J/A 1.1597 · 10−9 J/A2

WdampRecAS 7.13 · 10−5 J 1.4439 · 10−7 J/A −3.5736 · 10−10 J/A2
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Symbol Unit Description

β 1 Ratio between the total snubber ESR and the effective
damping resistance

δ 1/s Damping coefficient

δ14 1/s Damping coefficient in the interval t1 ≤ t < t4

δ45 1/s Damping coefficient in the interval t4 ≤ t < t5

εr 1 Relative permitivity

εs 1 Relative permitivity of a semiconductor

η % Efficiency, ratio between output power and input power

ϑ K Temperature

ϑamb
◦C Ambient temperature

ϑsn
◦C Snubber capacitor themperature

ϑsnMax
◦C Maximum allowed snubber capacitor themperature

ϑHS
◦C Themperature of the heat sink

ϑj
◦C Junction temperature

ϑjMax
◦C Maximum allowed junction temperature

λ W
mK Specific thermal conductance

λCaZr
W

mK Specific thermal conductance of Calcium Zirkonat

µ0
Vs
Am Magnetic field constant with 4π · 10−7 Vs/Am

µn
m2

Vs Electron mobility

µp
m2

Vs Hole mobility

Φt Vs Total magnetic flux

ω0 1/s Angular frequency of an undamped resonant circuit

ω034 1/s Angular frequency of the undamped resonant circuit in the
interval t3 ≤ t < t4

ω045 1/s Angular frequency of the undamped resonant circuit in the
interval t4 ≤ t < t5
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ωd 1/s Angular frequency of a damped resonant circuit

ωd34 1/s Angular frequency of a damped resonant circuit in the interval
t3 ≤ t < t4

ωd45 1/s Angular frequency of a damped resonant circuit in the interval
t4 ≤ t < t5

A0 A Auxiliary current coefficient for the turn-off event

A34 A Auxiliary current coefficient in the interval t3 ≤ t < t4

A45 A Auxiliary current coefficient in the interval t4 ≤ t < t5

Ath m2 Heat dissipating area

AthEff m2 Effective area for heat dissipation

B T Magnetic flux density

c0
m
s Speed of light with 299 792 458 m/s

CD
F

m2 Depletion layer capacitance per area

CDC F DC-link capacitance

CDG F Drain to gate capacitance

CDS F Drain to source capacitance

Cf F Filter capacitance

CGS F Gate to source capacitance

Ciss F Input capacitance as CGS + CDG

Coss F Output capacitance as CDS + CDG

Coss∗ F Output capacitance containing both, the charge stored in Coss
as well as the recovery charge

Cox
F

m2 Gate oxide capacitance per area

Crss F Reverse capacitance as CDG

Csn F Snubber capacitor

CTE 1e−6
◦C Coefficitent of thermal expansion

Ecrit
V
m Critical electric fieldstrength

ESRpar 1 Equivalent series resistor of Npar paralleled single capacitors in
a stack

fsw Hz Switching frequency
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fresf Hz First filter resonant frequency

H A
m Magnetic field strength

iAK A Current from anode to cathode

iC A Collector current

iD A Drain current

iCDG A Displacement current through drain-gate capacitance

iCDS A Displacement current through drain-source capacitance

iCGS A Displacement current through gate-source capacitance

ich A Channel current

idi A Diode current

ilinkMin A Minimum DC-link current

ilinkAC A Alternating part of the DC-link current (without DC offset)

iD A Drain to source current at device terminals

iD1 A Drain-source current of the top-side switch Q1

iD2 A Drain-source current of the bottom-side switch Q2

iDsat A Drain to source saturation current

if A Current in the filter capacitor

îf A Maximum filter current

ifw A Forward diode current

iG A Gate current

Iinit A Initial DC-link current before any event

ilink A DC-link current

IlinkMin A Minimum DC-link current

ILoad A Load current

Inom A Nominal current of a specific device

isn A Current of the snubber path

isnMin A Minimum snubber current

ir A Reverse diode current

Irrm A Maximum reverse-recovery current of a diode
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m2 Current density

k J
K Bolzmann constant

KaIb [A] Konstant no. a in interval b where a, b ϵ N

Kp_ [A] Konstant related to the particular solution

Lσ H Stray inductance

LσOff H Parasitic inductance relevant for turn-off

LσOn H Parasitic inductance relevant for turn-on

lch m Channel length

Lcon H Parasitic inductance of the DC-link-module connection

Lf H Filter inductor

LG H Gate circuit inductance

Lhb H Parasitic inductance of the halfbridge (lumped)

Llink H Parasitic inductance of the DC-link capacitor

Lmain H Main DC-link stray inductance consisting of Llink and Lcon

Lres H Inductance responsible for the resonance together with a
capacitance

LS H Source inductance

Lsn H Snubber inductance

Lsnhb H Total inductance in the halfbride and snubber path

M 1 Modulation index

Nc
1
m Density of states in the conduction band

ni
1

cm3 Intrinisc charge carrier concentration

Npar 1 Number of paralleled single capacitors in a stack

Nv
1
m Density of states in the valence band

PcondDS W Conduction losses of the drain-source path of a switch

PcondSD W Conduction losses of the source-drain path of a switch

Pdamp W Damping losses

Pout W Inverter output power

Psem W Total semiconductor losses
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PswOff W Turn-off switching losses

PswOn W Turn-on switching losses

PswRec W Losses during diode recovery

q C Unit electronic charge with 1.6 · 10−19 C

Qrr C Reverse recovery charge

Rσ Ω Resistance part of the current path leading to Lσ

Ra Ω Accumulation layer resistance

Rch Ω Channel resistance

Rd Ω Damping resistance (lumped)

Rdamp Ω Damping resistor (dedicated)

Rdr Ω Resistance of a drift region

Repi Ω Epi-layer resistance

RG Ω Gate resistor

RGoff Ω Gate resistor for the turn-off event

RGon Ω Gate resistor for the turn-on event

Rmain Ω Lumped resistance in the main DC-link path (DC-link
capacitor and connection)

RmainSkin Ω Lumped resistance in the DC-link path under the influence of
skin and proximity effect

Ron Ω On-resistance of a MOSFET

RonAux Ω On-resistance of the auxiliary MOSFET

RonIdeal Ωcm2 Ideal specific on-resistance of a MOSFET

RonSpec Ωcm2 Specific on-resistance of a MOSFET

Rsn Ω Resistance in the snubber path

Rsub Ω Substrate resistance

Rth
K
W Thermal resistance

RthCapSp
K
W Thermal resistance from the center of a capacitor assembly to

the solder pads

RthSn
K
W Total thermal resistance from capacitor to heat sink of both

paralleled snubber capacitors
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T0 s Period of an undamped oscillation

t2opt s Optimal current independent point in time for semiconductor
turn-off for a ZCS of Qaux

tf12 s Fall time of the voltage during turn-on

tf23 s Fall time of the current during turn-off

trise s Rise time

VBD V Breakdown voltage

VBDspec V Breakdown voltage for a specific device

VC0 V Initial capacitor voltage

vCE V Collector emitter voltage

vCsn V Voltage accross the Csn

VDC V DC-link voltage

vDG V Drain-gate voltage

Vdiff V Diffusion voltage

vdr V Driver output voltage

vDS V Drain to source voltage

vDSaux V Drain-source voltage of the auxiliary switch Qaux

vDS1 V Drain-source voltage of the top-side switch Q1

v̂DS1 V Peak voltage during turn-off of the top-side switch Q1

vDS2 V Drain-source voltage of the bottom-side switch Q2

v̂DS2 V Peak voltage during turn-off of the bottom-side switch Q2

Vdiff V Diffusion voltage

vfw V Forward diode voltage

Vfrm V Diode voltage during forward recovery

vGaux V Gate-source voltage of the auxiliary switch Qaux

vG1 V Gate-source voltage of the top-side switch Q1

vG2 V Gate-source voltage of the bottom-side switch Q2

vGS V Gate-source voltage

vKA V Voltage from cathode to anode
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v̂KA V Peak voltage from cathode to anode

vLmain V Voltage accross Lmain in the common gate-source path

vLs V Voltage accross the stray inductance in the common
gate-source path

vLsn V Voltage accross the lumped stray inductance in the snubber
path

v̂phase V Peak voltage of the sinusoidal inverter output voltage

vr V Reverse diode voltage

vRd V Voltage accross Rd

vRdamp V Voltage accross Rdamp

vRmain V Voltage accross the lumped resistance in the main DC-link
and connection

vRsn V Voltage accross the resistance in the snubber path

vsat
m
s Saturation drift velocity

vsn V Snubber capacitor voltage

Vsn0 V Initial snubber capacitor voltage before the corresponding
event

VsnEnd V Snubber voltage at the end of a switching event

VsnMaxOff V Highest snubber capacitor voltage after charging during
turn-off event

VsnMaxOn V Highest snubber capacitor voltage after charging during
turn-on event

VsnMean V Snubber voltage averaged over multiple continuous switching
events

Vth V Threshold voltage

W 1 Lambert-W-function

wb m Base width

wch m Channel width

WCoss2 J Energy stored output capacitance of the bottom-side switch Q2

WCsn J Energy stored in the snubber capacitance

wD m Width of the depletion region
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WdampAS J Damping energy lost in the active snubber setup

WdampDC J Damping energy lost in the DC-snubber setup

WdampOff J Damping energy lost during turn-off

WdampOn J Damping energy lost during turn-on

WDC J Energy provided by the DC-link

Wg eV Bandgap energy

WLmain J Energy stored in Lmain

Wlink J Energy provided by the DC-link capacitor

Woff J Switching energy lost during turn-off

Won J Switching energy lost during turn-on

Wrec J Switching energy lost during diode recovery

WRd J Energy dissipated in Rd
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List of Abbreviations
AC alternating current

AS abbreviation for the active snubber setup in this work

ASo abbreviation for the active snubber setup in this work with optimized MOSFETs

DC direct current

DC+ positive potential of the DC-link

DC- pegative potential of the DC-link

DIBL drain-induced-barrier-lowering

DUT device under test

EMI electromagnetic interference

ESL equivalent series inductor

ESR equivalent series resistor

GaN gallium nitride

HB abbreviation for the conventional haldbridge setup in this work

IGBT insulated gate bipolar transistor

MLCC multilayer ceramic capacitor

MOSFET metaloxide-semiconductor field-effect-transitor

PCB printed circuit board

PWM pulse width modulation

RMS root-mean-square

Si silicon

SiC silicon carbide

SN abbreviation for the DC-snubber setup in this work

SNo abbreviation for the DC-snubber setup in this work with optimized MOSFETs

WBM wide-bandgap material

ZVS zero voltage switching
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